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Abstract 
 
A resonant converter has been widely used in various industrial applications, since it has high power 
conversion efficiency. The increase of the power density is necessary to obtain high cost-effectiveness 
and design freedom on the electric products. A high switching frequency operation can be an effective 
method to obtain the high power density of power converters. In this dissertation, three topic will be 
discussed to obtain the high power conversion efficiency and the high power density for the resonant 
converter, as follows: 
First, the power stage and feedback loop are designed for the high switching frequency operation. 
The power stage is designed to obtain the high power conversion efficiency at the high switching 
frequency operation. In addition, the feedback loop is designed to guarantee the stability. 
Second, the control algorithm is proposed to obtain the tight output voltage regulation at the high 
switching frequency operation. The operational principle and design of control algorithm are analyzed 
to obtain the tight output voltage regulation. 
Third, the spread spectrum technique (SST) will be applied to the resonant converter to reduce the 
electromagnetic interference (EMI), which can improve the power density with small EMI filter size. 
In this research, the design constraint to implement the SST on the resonant converter is analyzed to 
obtain the dual functionality properly. In addition, the control algorithms are proposed to achieve tight 
output voltage regulation and EMI reduction, simultaneously. All the proposed design considerations 
and control algorithms are verified with the simulation and experimental results. 
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I. Introduction 
 
Recently, the high switching frequency operation is widely applied to the switching mode power 
supplies (SMPS) to improve the power density. In addition, a wide-band gap (WBG) switching devices 
enables high switching frequency operation up to several MHz compared to conventional silicon based 
switching devices. However, there are several issues to implement the high power density with high 
power conversion efficiency and high power quality. First, the parasitic component on the resonant tank 
induces large power loss on the power converter. Second, the loop gain should be properly designed to 
obtain the stability and fast dynamic performance. Third, the power converters has to satisfy an electro-
magnetic interference (EMI) standard using the EMI filter. The EM noise reduction of the power 
converter is necessary to obtain the small sized EMI filter which can improve the power density in terms 
of the total power conversion system. Therefore, this dissertation introduces the solution to overcome 
the conventional limitation and constraints. First, the high switching frequency operation is applied to 
the resonant converter to achieve the soft switching capability. The power stage is analyzed and 
designed for the high power conversion efficiency at the high switching frequency operation. Second, 
the loop gain and feedback loop are analyzed and designed to obtain the stability of the converter and 
fast dynamic performance. The field-programmable gate array (FPGA) can be designed to improve the 
control bandwidth with small time-delay. Third, the control algorithm is proposed to obtain the tight 
output voltage regulation. Forth, the spread spectrum technique (SST) is applied to the resonant 
converters to mitigate the EM noise reduction. 
The LLC resonant converter is widely applied to several industrial applications, because it has soft-
switching capability, easy control implementation, and simple structure. In the conventional low 
switching frequency, the model of the LLC resonant converter ignores parasitic components in the 
resonant tank. However, when the switching frequency increases up to MHz, the secondary leakage 
inductance should be considered in the design of the power stage because the resonant tank component 
values become smaller and the parasitic components become more significant. Without considering the 
secondary leakage inductance, there is a significant design error, which can induce high switching loss, 
high circulating current, and high conduction loss. In this dissertation, the proper power stage design is 
proposed to obtain the high power conversion efficiency which considers the parasitic components. 
In terms of control, the DSPs and microprocessors are widely used to generate high precision PWM 
signals under high switching frequency operation. They generally have high noise immunity and can 
implement complex control technique. However, the limited computation speed of the digital controller 
cannot cover the required control bandwidth for high switching frequency operation, which results in 
low dynamic performance and stability of the power converter. Therefore, a time delay effect caused 
by the limited performance of the digital controller should be considered to obtain a proper small signal 
model that includes feedback and control delay. In this dissertation, the loop gain for high switching 
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frequency is designed to achieve the stability and fast dynamic performance. In addition, FPGA is 
applied to reduce the time-delay effect. 
In terms of the output voltage regulation, the digitally controlled LLC resonant converter has a limited 
frequency resolution, since the digital controller is implemented using a limited clock speed to generate 
the PWM signals. Moreover, the limited frequency resolution can lead to performance degradation at 
high switching frequencies by a single frequency step in the digital signal processor (DSP). For example, 
a general-purpose DSP (TI TMS320F28335) provides 150 million instructions per second (MIPS) 
performance. However, it does not have high enough frequency resolution for a pulse frequency 
modulation (PFM) operating at several mega-hertz switching frequency. This limited frequency 
resolution induces high variation in the input-output voltage gain at high switching frequencies, which 
causes high output voltage ripple in the LLC resonant converter. Moreover, it results in high fluctuation 
of the primary- and secondary-side currents, which induces abnormal oscillations and high current stress 
on the passive components. In this dissertation, the PFM-PWM hybrid control algorithm is proposed to 
improve the output voltage regulation performance. 
In terms of the EMI reduction, the EMI filter has been widely used to suppress the EM noise of the 
power converters. However, the EMI filter induces bulky and poor cost-effectiveness on the electric 
products. The SST can be a solution to suppress the EM noise with only control algorithms. In addition, 
it has been widely applied to the power converters, such as buck, boost, flyback converters. However, 
the available topologies are limited to implement the SST, because the SST requires large switching 
frequency variation. In this research, the SST is applied to the resonant converters. The resonant 
converter has sensitive voltage gain according to the switching frequency variation. Therefore, the 
power stage and the control algorithm are required to obtain the tight output voltage regulation and the 
EM noise reduction. From this section, the power density can be improved with the small EMI filter. 
This dissertation considers the high power density of the resonant converter with the high switching 
frequency operation and small EM noise reduction. It covers the power stage design, control loop design, 
and control algorithms for the high power conversion efficiency and tight output voltage regulation at 
the high switching frequency operation. In addition, the EM noise reduction method of the resonant 
converter is proposed to improve the power density in terms of the total power system. All the proposed 
design and algorithm are analyzed in theoretical method. The simulation and experimental results verify 
the proposed design and algorithm. 
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II. Power Stage and Feedback Loop Design 
 
The high switching frequency operation is one of methods to increase the power density with small 
passive components. Recently, the high switching frequency operation of the switch mode power 
supplies (SMPS) is available with the advance of the wide band-gap (WBG) devices, such as gallium 
nitride (GaN) and silicon carbide (SiC) [1]. Fig 1 (a) shows the operating range of the WBG devices 
[2]. Fig. 1 (b) shows the size decrease of electronic products by the high power density converter, which 
increases the design freedom of electronic products. Fig 1 (a) shows the operating range of the WBG 
devices [2]. Fig. 1 (b) shows the size decrease of electronic products by the high power density converter, 
which increases the design freedom of electronic products. In this section, the power stage and loop 
gain are designed to obtain the high power conversion efficiency and stability at the high switching 
frequency operation. 
 
 
(a) 
 
(b) 
Fig. 1 High power density: (a) high switching frequency with WBG devices, (b) increase of design 
freedom with high power density converter. 
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2.1 Limitation of Conventional Model of LLC Resonant Converter 
 
In conventional low-frequency applications, the model of the LLC resonant converter ignores 
parasitic components in the resonant tank, such that the model includes only a primary leakage 
inductance, a magnetizing inductance, and a resonant capacitance. Using the conventional model, a 
power stage design method has been well derived using first harmonic approximation (FHA), which 
can obtain the input-output voltage gain, resonant tank impedance, proper magnetizing inductance, 
transformer turn ratio [3]-[16]. The conventional LLC resonant converter has additional inductor to 
obtain the desired resonant inductance value. However, when the switching frequency increases up to 
MHz, the resonant inductance is integrated into the transformer [1]. Therefore, the secondary leakage 
inductance should be considered in the design of the power stage. Without considering the secondary 
leakage inductance, there is a significant design error, which can induce high switching loss, high 
circulating current, and high conduction loss. 
In previous research, the secondary leakage inductance was considered to design the power stage of 
the LLC resonant converter [17], [18]. They took into account the model error of the input-output 
voltage gain due to the secondary leakage inductance. However, one of them is focused on unbalanced 
secondary current by unbalanced leakage inductance [17], and another only shows the change of voltage 
gain characteristics between the modified model and the conventional model [18]. The derived voltage 
gain in the previous research has significant design error with the consideration of only primary leakage 
inductance. In addition, previous research uses a separated winding structure in the transformer, which 
physically induces high secondary leakage inductance caused by low coupling coefficient. 
 
2.1.A Voltage Gain and Impedance 
The input-output voltage gain and the resonant impedance is important as the design criteria to obtain 
high power conversion efficiency in the LLC resonant converter. The conventional input-output voltage 
gain and resonant tank impedance are well analyzed using the FHA model, as follows: 
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where Ro is the output load resistance, Req is the resistive load of the resonant network at the FHA model, 
Lm is the magnetizing inductance, Lr is the primary leakage inductance, Cr is the resonant capacitor, fr1 
is the series resonant frequency, fr2 is the parallel resonant frequency, fs is the switching frequency, Q is 
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the quality factor, n is transformer turn ratio. Equation (1) shows that the conventional model that has a 
unity gain at fr1 and the imaginary impedance is zero at fr2. At the early several kilo-hertz switching 
frequency, the resonant inductance is designed with the sum of the resonant inductance and the leakage 
inductance of the transformer. Therefore, the secondary leakage inductance is negligible in the converter 
model. However, when switching frequency increases up to mega-hertz, the secondary leakage 
inductance is large enough to be considered as one of the resonant components. 
 
Fig. 2 Modified FHA model of LLC resonant converter with additional secondary leakage inductance. 
 
(a) 
 
(b) 
Fig. 3 Input-output voltage gain curve of the LLC resonant converter: (a) Voltage gain difference 
between the modified and the conventional converter model, (b) Voltage gain surface according to the 
secondary leakage inductance at the switching frequency. 
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The modified FHA model with the secondary leakage inductance is shown in Fig. 2. From this model, 
the input-output voltage gain and the resonant tank impedance can be updated, as follows: 
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where Ls,lk is the secondary leakage inductance, fr1,mod and fr2,mod are the series and parallel resonant 
frequency modified by the proposed model, respectively. The coupling coefficient of the transformer is 
measured with the series-aiding series-opposing method [19]. The modified series resonant frequency 
fr1,mod affected by the secondary leakage inductance is different than the conventional resonant frequency 
fr1, while the modified parallel resonant frequency fr2,mod equals the conventional resonant frequency fr2. 
The updated voltage gain of the proposed converter model has a higher magnitude at fr1,mod than the 
unity one of the conventional model at fr1, as shown in Fig. 3 (a). In addition, the updated voltage gain 
has the same magnitude at fr1,mod as the conventional voltage gain at fr1. As the secondary leakage 
inductance increases, the magnitude of the updated voltage gain increases at fr1,mod, as shown in Fig. 3 
(b). 
The resonant inductance at the conventional 100 kHz switching frequency is designed with the 
additional resonant inductance and leakage inductance of the transformer. However, the resonant 
inductance at the 1 MHz switching frequency is designed with the leakage inductance of the transformer 
to obtain high power density. Fig. 4 shows the effect of the secondary leakage inductance. At the 
conventional 100 kHz switching frequency condition condition, the additional resonant inductance and 
the primary leakage inductance are 50 μH and 25 μH, respectively. At 1 MHz switching frequency 
condition, the primary leakage inductance is 7.5 μH. Using the modified model, the input-output voltage 
gain is slightly higher than the unity gain (1.02) at fr1,mod with the conventional 100 kHz switching 
frequency. However, with 1 MHz switching frequency, the gain increases significantly (1.18) at fr1,mod. 
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The gain increment induces significant design error which can introduce high circulating current and 
serious switching loss. Therefore, magnetics design, such as the transformer turn ratio and the 
magnetizing inductance should be achieved using the proposed converter model [20]. 
 
 
Fig. 4 Comparison of modified voltage gain according to the resonant frequency. 
 
Fig. 5 Theoretical operating waveforms of the modified LLC resonant converter model. 
 
2.1.B Operational Principles 
Theoretical operating waveforms of the proposed converter model are different from the conventional 
waveforms, as shown in Fig. 5. The operating waveforms are derived into six modes. Mode 1, 2, and 3 
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are derived from the operation of the high-side switch, and Mode 4, 5, and 6 are related to the operation 
of the low-side switch. Mode 1 and 4 show resonance with Lr, Lm, Ls,lk and Cr. Mode 2 and Mode 5 
show resonance with Lm, Lr, and Cr. Mode 3 and Mode 6 represent dead time durations. 
Mode 1 [ta – tb]: During this mode, electric power is transferred from the primary side to the secondary 
side through the transformer. In this mode, Ls,lk and Lm participates in the resonance between Lr and Cr. 
Assuming negligible dead time duration, the primary current ir(t), the magnetizing current im(t), the 
secondary current il2(t), and the resonant capacitor’s voltage Vcr(t) can be derived as follows: 
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where Vcr,ini is the initial voltage across Cr, Ir,ini is the initial primary current, Im,ini is the initial 
magnetizing current, and Il2,ini is the initial secondary current. Assuming that the ir(t) and im(t) are the 
same during the dead time, Il2,ini becomes zero. Therefore, Ir,ini and Im,ini can be derived as follows: 
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In addition, the secondary voltage equation can be derived using the flux balancing law in the 
transformer as follows: 
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where Vtr is the voltage across the magnetizing inductance and Vs,lk is the voltage across the secondary 
leakage inductance. Equation (17) and (18) show that the large secondary leakage inductance and the 
high switching frequency can induce significant voltage fluctuations in the secondary side, which 
should be considered in designing the secondary side rectifier. 
Mode 2 [tb - tc]: During this mode, the electric power is not transferred to the secondary side. In this 
section, Ls,lk does not participate in the resonance. The primary current ir(t) and the resonant capacitor 
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voltage vcr(t) can be described as shown in (19) and (20), respectively. 
, 1 1 , 1( ) ( ) cos( ) ( )sin( )r m r ini r r in cr ini ri t i t I t C V V t  = = + −                 (19) 
1 , 1 , 1( ) ( ) sin( ) ( )cos( )cr r m r r ini r cr ini in r inV t L L I t V V t V  = + + − +               (20) 
The soft commutation on the output rectifier can be achieved at the end of Mode 2, which reduces the 
rectifier’s switching loss during the high switching frequency operation. 
Mode 3 [tc - td]: This mode is a dead time duration. In Mode 3, electric power is not transferred from 
the primary side to the secondary side. The primary current charges and discharges the output 
capacitance of the primary MOSFETs, which makes the MOSFETs operate in ZVS. After this process, 
the primary current will pass through the antiparallel diode before the MOSFET’s turn-on. 
Mode 4 to Mode 6 [td - tg]: Mode 1 to Mode 3 repeats Mode 4 to Mode 6, respectively, every half 
switching cycle with the low-side MOSFET. During Mode 4, ip(t), im(t), and Vcr(t) can be derived as 
follows: 
2( ) ( )sin( ) cos( )r r r r r r ri t C A t C B t   = +                      (21) 
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During Mode 5, ip(t) and Vcr(t) can be described as shown in (28) and (29), respectively. 
, 1 1 , 1( ) ( ) cos( ) sin( )r m r ini r r cr ini ri t i t I t C V t  = = −                 (28) 
1 , 1 , 1( ) ( ) sin( ) cos( )cr r m r r ini r cr ini rV t L L I t V t  = − + +                (29) 
Mode 6 is also a dead time duration. Using the model analysis with the secondary leakage inductance, 
the design accuracy of the converter’s power stage can be improved for the high power conversion 
efficiency. 
 
2.2 Power Stage Design for High Switching Frequency 
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In this section, power stage design such as the primary-secondary turn ratio, the magnetizing 
inductance, and the secondary diode selection will be discussed using the model analysis results 
presented in the previous section. All the design parameters will be addressed using the modified LLC 
resonant converter model. 
 
Fig. 6 Difference of the operating point between the conventional and modified converter model at the 
same power rating. 
 
Fig. 7 Proposed transformer turn ratio according to the switching frequency. 
 
2.2.A Transformer Turn Ratio for High Switching Frequency 
The soft commutation of the output rectifier is required to reduce its reverse conduction loss which 
is proportional to the switching frequency. The LLC resonant converter generally operates between the 
maximum input-output voltage gain and the series resonant frequency to obtain soft switching 
capabilities in the primary MOSFETs and the secondary rectifiers. The conventional 100 kHz switching 
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frequency converter requires additional one or two primary turn number to compensate slightly higher 
voltage gain than the unity gain at the series resonant frequency, which implements the soft 
commutation on the output rectifier. However, the high switching frequency LLC resonant converter 
cannot implement the soft commutation in the output rectifier with the additional one or two primary 
turn number, because high switching frequency operation has more significant voltage gain boost at the 
series resonant frequency, as shown in Fig. 4. Fig. 6 shows the difference of operating power between 
the conventional model and the proposed modified model. This shows that the modified model cannot 
achieve soft commutation in the output rectifier by the conventional method of adding one or two 
primary turns in the transformer. 
There are two solutions to obtain soft commutation in the output rectifier. One is adjusting the primary 
side turn number. The other is adjusting the secondary side turn number. The primary side turn number 
increment has more design freedom and more reduction of the maximum flux density to protect 
transformer saturation. However, this large turn number induces high winding resistance [21], [22]. The 
secondary turn number reduction has less design freedom to obtain proper turn ratio than the case of 
the primary turn number increment. Therefore, the modification of the primary turn number can be 
better to compensate the voltage gain boost under the high frequency operation. 
The proposed transformer turn ratio can be calculated as follows: 
,max
mod mod 1,mod( )
2( )
p in
r
s o F
N V
n M f
N V V
 = 
+
                       (30) 
where n is the primary-secondary turn ratio, Np is the primary side turn number, Ns is the secondary side 
turn number, VF is the forward voltage drop of output rectifier, Vin,max is the maximum input voltage, 
and Mmod(fr1,mod) is the modified input-output voltage gain at fr1,mod. In (30), the term Vin,max/2(Vo+VF) is 
the conventional transformer turn ratio criterion for the LLC resonant converter. This voltage gain is 
updated in (30) using the modified voltage gain in (7), which makes the modified turn ratio a function 
of the switching frequency. If the secondary leakage inductance and the quality factor are equal to the 
modified converter model according to the switching frequency, the minimum transformer turn ratio 
for the soft commutation of the output rectifier can be calculated as shown in Fig. 7. This shows that 
the higher resonant frequency requires a higher transformer turn ratio. From (30), the modified primary 
turn number can be derived as follows: 
mod 1,mod
,mod
1,mod min max
( )
2
r in
p
r
M f V
N
f A B
=

                            (31) 
where Amin is the cross sectional area of the transformer and △Bmax is the maximum flux density. 
 
2.2.B Magnetizing Inductance for Soft-Switching Capability 
The ZVS capability on the primary MOSFETs is one of the significant advantages of the LLC 
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resonant converter for high power conversion efficiency. ZVS can be achieved using proper dead time 
and the magnetizing inductance by inducing the amount of the primary current that charges and 
discharges the output capacitance of the MOSFETs. The proper magnetizing inductance induces a 
smaller magnetizing current which leads to smaller circulating current and conduction loss in the 
primary side. Also, proper dead time duration is required to obtain ZVS, operational stability, and lower 
conduction loss [10]. 
To achieve ZVS, the magnetizing current should be higher than the minimum primary current 
required to charge and discharge the output capacitance of the MOSFETs, as follows: 
, ,min
2
( )
eq in
m ini a ZVS
dt
C V
I t I
t
 =
                           (32) 
where Ceq is the output capacitance of the primary MOSFETs, tdt is the dead time duration, Im,ini(ta) is 
the magnetizing current at ta, and Izvs,min is the minimum primary current for ZVS capability. The 
magnetizing current after the dead time duration can be obtained as follows: 
,
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m s
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                             (33) 
where fs,max is the maximum switching frequency. Equation (34) shows that Im,ini(ta) is a function of Lm, 
fs,max, and Vin. From (33), the minimum dead time duration can be derived in (34). 
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Using (34), the magnetizing inductance can be designed as follows: 
,max16 16
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m
S s s r
t t
L
C f C f
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                           (35) 
where (35) is satisfied only when fs ≤ fr. However, it does not consider the modified input-output voltage 
gain effect of the secondary leakage inductance. The modified gain curve is bigger than the conventional 
gain curve, especially, at high operating frequencies. Therefore, the ZVS criterion of (35) has a 
significant error at high operating frequencies. 
Using (7) and (34), the minimum dead time duration can be updated with the modified voltage gain 
as shown in (36). 
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                    (36) 
From (36), the updated dead time duration which guarantees ZVS of the primary MOSFETs is shorter 
than that of the conventional one. In addition, the magnetizing inductance criterion for satisfying the 
ZVS condition can be updated as shown in (37). 
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The updated magnetizing inductance is proportional to Mmod(fr1,mod), which shows that higher 
magnetizing inductance can be used at a high switching frequency than the conventional model. Using 
(36) and (37), the updated magnetizing inductance is around ten percent higher than the conventional 
one to guarantee ZVS, which shows that the conventional gain model induces large circulating currents 
and high conduction losses in a practical manner, as shown in Fig. 8.  
 
Fig. 8 Comparison of magnetizing inductance for ZVS capability between proposed model and 
conventional model. 
 
2.2.C Secondary Diode Rectification for High Frequency Operation 
The selection of the secondary diode rectifier is important to implement high switching frequency 
operation with small conduction loss. In addition, the selected diode has to guarantee enough reverse 
blocking voltage to protect the diode breakdown. A Schottky diode is widely used for high switching 
frequency applications, since it has low forward voltage drop and no reverse recovery issues, which 
makes small conduction and turn-off losses. However, the reverse blocking voltage of the Schottky 
diode is relatively small. Therefore, proper secondary diode selection that considers the practical reverse 
blocking voltage is important to improve the operational stability and power conversion efficiency of 
the power converter. 
The reverse blocking voltage of the LLC resonant converter’s output rectifier can be described as 
follows: 
s, 2D tr o oV V V V + =                              (38) 
where Vs,tr is the voltage across the transformer’s secondary winding which is almost the same as the 
output voltage at the series resonant frequency. However, (38) does not consider the secondary leakage 
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inductance which can increase the reverse voltage of the output rectifier. At the high switching 
frequency, the LLC resonant converter has to include the secondary leakage inductance which can 
induce large reverse voltage variations, as shown in (18) and Fig. 5. By differentiating (18), the peak 
magnitude of the voltage variation across the secondary leakage inductance can be derived as follows: 
 
 
 
(a) 
 
(b) 
Fig. 9 Practical blocking voltage of the rectifying diode according to the secondary leakage inductance: 
(a) considering only secondary leakage inductance, (b) considering secondary leakage inductance and 
diode capacitor. 
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The magnitude of the voltage across the secondary leakage inductance can be reduced by using a 
small secondary leakage inductance value and low switching frequency, as shown in Fig. 9 (a). If the 
high side switch is turned on to transfer electric power from the primary to the secondary, one of the 
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output rectifier diodes is conducting and another is blocked, as shown in Fig. 10. In this condition, the 
parasitic capacitance of the blocking diode and the secondary leakage inductance participate in the 
secondary resonance, which makes high peak reverse voltage in the secondary diode. The magnitude 
of the resonant current can be calculated by using the voltage variation in the secondary leakage 
inductance as follows: 
 
 
(a) 
 
(b) 
Fig. 10 Current paths of the secondary rectifying diode: (a) forward powering path, (b) reverse blocking 
path. 
 
, ,max
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R R
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                               (40) 
where Rs is the parasitic resistance on the secondary power stage. The resonant current’s magnitude is 
determined by total resistance of the secondary power stages, which is composed of transformer primary 
and secondary resistance, and output load impedance. From the resonant current, the resonant voltage’s 
magnitude can be derived as follows: 
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1
2
res res res c
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=  =
                    (41) 
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where fres is the resonant frequency according at the blocking path, Cdiode is the parasitic capacitance of 
the secondary diode, and Xc is the impedance of the parasitic capacitance. From (38), (39) and (41), the 
total reverse blocking voltage of secondary diode can be derived as shown in (43). 
 
 
Fig. 11 Simulation waveforms of the secondary diode’s blocking voltage. 
 
,mod , ,max ,max , ,max ,max2D D s lk res o s lk res cV V V V V V I X= + + = + +               (43) 
From (43), total blocking voltage is a function of Vo, Vs,lk, and Vres,max. Using (43), the reverse blocking 
voltage during mode 1 can be derived as follows: 
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The high switching frequency and the large secondary leakage inductance induce a high reverse 
blocking voltage in the secondary rectifier, as shown in Fig 9 (b). Therefore, the practical reverse 
blocking voltage should be precisely calculated to select a proper secondary rectifying diode using (44). 
The practical blocking voltage of the secondary rectifier has very high frequency and very large voltage 
variation, as shown in Fig. 11. 
 
2.3 Loop Gain Design for Fast Dynamics and Stability 
 
In power converter control, digital signal processors (DSPs) and microprocessors are widely used to 
generate high precision PWM signals under high switching frequency operation. They generally have 
high noise immunity and can implement complex control techniques [23], [24]. However, the limited 
computation speed of the digital controller cannot cover the required control bandwidth for high 
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switching frequency operation, which results in low dynamic performance and stability of the power 
converter. Therefore, a time delay effect caused by the limited performance of the digital controller 
should be considered to obtain a proper small signal model that includes feedback and control delays. 
An ideal converter control calculation should be completed within a single PWM cycle and be 
updated in the next PWM cycle. Thus, the closed loop gain at high switching frequency operation must 
obtain fast dynamic performance with enough phase margin. However, a practical digital controller has 
a limited computation speed which induces a time delay effect in the feedback control. As the increment 
of the switching frequency, the time delay becomes significant to the dynamic performance of the power 
converter. Therefore, for the closed-loop feedback control, the small signal model of the LLC resonant 
converter has to include the time delay effect caused by the digital controller to describe accurate small 
signal response and to design a proper digital feedback compensator, as shown in Fig. 12. 
 
 
Fig. 12 Digital control block diagram of the proposed LLC resonant converter. 
 
(a) 
 
(b) 
Fig. 13. Limited processing speed of a commercial PWM controller: (a) PI controller case, (b) lead-lag 
controller case. 
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The dominant time delay of the digital controller is composed of a low pass filter delay, the processing 
time delay of a zero-order-hold (ZOH) and the controller’s computation time such as the feedback 
compensation, the PWM generation, and the ADC speed. In this paper, the TMS320F28335 is used as 
a commercial digital controller which has 150 million instructions per second (MIPS). The measured 
control bandwidth of the feedback loop implemented by this digital controller is 50 kHz, which is 20 
times slower than the 1 MHz switching frequency, as shown in Fig. 13 (a). Therefore, the small signal 
model has to consider the controller’s time delay which causes control performance degradation at the 
1 MHz switching frequency. 
The transfer function considering the controller’s time delay can be expressed as follows: 
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  (45) 
where Gcont,d(s) is the entire control time delay of the digital controller, Gcomp,d(s) is the computation 
time delay of the controller, GADC,d(s) is the ADC time delay, and GPWM,d(s) is the PWM generation time 
delay. The time delay of the ADC and the PWM generation can be assumed by constant values of Tcomp 
and TADC, respectively, based on the digital controller’s specification. In addition, the exponential 
function can be transformed to the constant function using pade’s approximation. However, comparing 
with Fig 13 (a) and (b), the computational time delay can change by the computation burden of the 
controller, which is affected by control complexity. Fig. 14 shows the time delays in the digital signal 
processor. 
The ZOH time delay can be calculated as follows: 
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                      (46) 
where GZOH(s) is the ZOH time delay and TZOH is the discrete sampling time. Even though the ADC 
performance of target DSP has a 80-ns conversion rate, the DSP has a seriously delayed sampling time 
caused by the long computation time. In addition, the time delay of the digital low pass filter should be 
considered in the total time delay of the feedback control. The time delay of the digital low pass filter 
can be described using a two pole system as follows: 
, 2 2
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G s
T s
=
+
                           (47) 
where Tc is the cut-off period of the low pass filter. Using (45), (46), and (47), the total time delay of 
the feedback control, Gtotal,d(s) can be calculated in (48). 
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The time delay effect can be applied to the small signal model of the LLC resonant converter as follows: 
 
 
Fig. 14 Computation time in the digital controller. 
 
 
Fig. 15 Small signal responses of the closed loop gains according to the time delay effect. 
 
( ) ( ) ( ) ( ) ( )cont ZOH filterx t Ax t Bu t T G t G t = + −    
( ) ( ) ( ) ( ) ( )cont ZOH filtery t Cx t Du t T G t G t= + −                      (49) 
where A, B, C, D are the state space parameters, x(t) is the system state vector, u(t) is the control input, 
and y(t) is the output voltage vector [23]. From (49), the transfer function of the frequency can be 
derived as follows: 
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The transfer function shown in (50) is the multiplication of all the time delays combined to the 
conventional small signal model. The total time delay of the feedback control induces magnitude and 
phase drops in the bode plot. In Fig. 13 (a), it has a 50 kHz of the sampling frequency and a 25 kHz of 
the Nyquist frequency. Therefore, the LLC resonant converter operating at the high switching frequency 
around 1 MHz with the significant feedback control delay cannot have a high crossover frequency which 
results in insufficient phase margin. In this case, the limited computation speed of the digital controller 
requires available crossover frequency range which can be obtained by proper feedback compensator 
design. The cut-off frequency of the digital low pass filter can also be considered for the limited control 
bandwidth. With the significant time delay of the feedback control at the high switching frequency case, 
it makes the drastic phase drop before the sampling frequency compared with the magnitude drop. 
Therefore, the crossover frequency should be practically located at 10 times lower frequency than 
sampling frequency to avoid drastic phase drop. Fig. 15 shows that the time delayed model has the 
drastic phase drop before the sampling frequency compared with the conventional model which does 
not consider the time delay. Therefore, the limited control bandwidth requires lower crossover 
frequency to obtain proper relative stability. In addition, the cut-off frequency of the low pass filter 
should be higher than the crossover frequency of the feedback loop gain. 
 
2.4 Experimental Verification 
 
Fig. 16 shows the operational waveforms of the 1 MHz switching frequency LLC resonant converter. 
The design specifications are 400 V DC input and 20 V DC output voltage. In the case of 12:1 turn ratio, 
the converter has ZVS capability on the primary MOSFETs and soft commutation on the output rectifier, 
as shown in Fig. 16 (a) and (b). In the case of 11:1 turn ratio shown in Fig. 16 (c), the converter cannot 
operate under the soft commutation, which makes high switching loss on the output rectifier. 
 
(a) 
34 
 
 
(b) 
 
(c) 
Fig. 16 Operational waveforms of the prototype 1 MHz LLC resonant converter according to the turn 
ratio: (a) 3 A light load condition with 12:1 turn ratio, (b) 12 A full load condition with 12:1 turn ratio, 
(c) 3 A light load condition with 11:1 turn ratio. 
 
At the light load condition satisfying the soft commutation on the output rectifier, the small secondary 
current induces small secondary side reverse voltage, which is similar to the conventional reverse 
voltage in (39). At full load condition under soft commutation, the high reverse voltage in the rectifier 
is induced by the large voltage variation in the secondary leakage inductance. At light load conditions 
without soft commutation, however, the converter shows higher reverse voltage spikes than at the full 
load condition with the soft commutation. Therefore, the output rectifier should endure the high reverse 
voltage spike at the high switching frequency operation. All the design specification of the prototype 
converter is listed in Table I. 
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Table I. Design Specifications 
Specification Value 
Vin 400 V 
Full load 20 V, 12 A 
 Proposed Design Conventional Design 
nmod 12 11 
Lm 53 μH 45 μH 
Lr 7.5 μH 7.6 μH 
Cr 1.5 nF 1.5 nF 
Lsec,leak 50 nH 54 nH 
Cdiode 530 pF 530 pF 
Resonant Frequency 1.104 MHz 1.125 MHz 
VD,mod 82 V 114 V 
Im,peak (2A) 1.12 A 1.33 A 
Soft Switching 
ZVS in the primary ZVS in the primary 
Soft commutation in the 
secondary 
Non-soft commutation 
 
 
Fig. 17 Theoretical analysis and experimental result of the closed-loop gain of the prototype converter. 
 
In Fig. 17, the closed-loop gain using a PI controller has 74 degree phase margin at the crossover 
frequency of 670 Hz which can guarantee enough relative stability against noise and disturbance in the 
converter. The experimental results are well matched with the theoretical analysis. Fig. 18 shows the 
step load responses of the prototype converter according to the load variation. With respect to the load 
step-up and load step-down condition, the output voltage variation and the transient time are 2.1 V (1.6 
ms) and 1.78 V (1.4 ms), respectively. 
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(a) 
 
(b) 
Fig. 18 Step load response of the 1 MHz LLC resonant converter: (a) from 2 A to 12 A step load change, 
(b) from 12 A to 2 A step load change. 
 
 
Fig. 19 Power conversion efficiency of the prototype 1 MHz LLC resonant converter. 
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Fig. 19 shows the comparison of power conversion efficiency according to the design methods. The 
conventional power converter design shows large primary circulating current and high switching loss 
in the output rectifier. However, the proposed design improves power conversion efficiency around 7% 
and 3% at the light and full load conditions, respectively. 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
38 
 
III. Output Voltage Regulation Technique 
 
The digitally controlled LLC resonant converter has a limited frequency resolution, since the digital 
controller is implemented using a limited clock speed to generate the PWM signals. Moreover, the 
limited frequency resolution can lead to performance degradation at high switching frequencies because 
a large switching frequency variation can be induced by a single frequency step in the digital signal 
processor (DSP). For example, a general-purpose DSP (TI TMS320F28335), which is used in this 
research, provides 150 million instructions per second (MIPS) performance. However, it does not have 
high enough frequency resolution for a pulse frequency modulation (PFM) operating at several mega-
hertz switching frequency. This limited frequency resolution induces high variation in the input-output 
voltage gain at high switching frequencies, which causes high output voltage ripple in the LLC resonant 
converter [25]-[27]. Moreover, it results in high fluctuation of the primary- and secondary-side currents, 
which induces abnormal oscillations and high current stress on the passive components. In this section, 
the hybrid control algorithm is proposed to obtain the tight output voltage regulation at the high 
switching frequency operation. From Section II and Section III, the LLC resonant converter operating 
at high switching frequency is designed to obtain high power conversion efficiency and tight output 
voltage regulation. 
 
 
Fig. 20 PWM and PFM generations of the general-purposed DSP. 
 
3.1 Limitation of Controller Resolution in High Switching Frequency 
 
The target DSP (TI TMS320F28335) has a 150 MHz clock speed, which sets the time-based period, 
Tb,prd. This period determines the time steps that generate triangular waveforms for implementing the 
PFM gate signals. Fig. 20 shows that the total number of time steps that determines the switching 
frequency of the PFM gate signal. The Tb,prd of the target DSP can be calculated as follows [28]: 
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where Tb,prd is the total number of DSP time steps, Ts is the switching period of the power converter, and 
Ttb,clk is the DSP system clock period (1/150 μsec). 
From (51), the calculated Tb,prd can be used to determine the variation of the switching frequency 
according to a single bit change in DSP control variables. The switching frequency variation from a 
single time step change, Δfs, can be calculated as shown in (52). 
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1 1 1
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f
T T T
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 = −                             (52) 
From (51) and (52), the switching frequency variation increases according to the square of the switching 
frequency. At 1 MHz switching frequency, Tb,prd is 75 and its frequency variation is 13.158 kHz for a 
single time step change in the DSP. At 100 kHz switching frequency, Tb,prd, is 750 and its frequency 
variation is 133.16 Hz for a single step change. Therefore, the PFM frequency resolution of the DSP at 
1 MHz switching frequency is 100 times lower than the frequency resolution at 100 kHz. Under the 
conventional PFM control, the voltage gain of the LLC resonant converter is only affected by switching 
frequency variations [17]. From (1), significant gain oscillation can be expected due to the poor PFM 
frequency resolution of the general-purpose DSP. 
 
 
Fig. 21 LLC resonant converter with feedback controller. 
 
The DSP controller for the power converter is composed of an analog-to-digital converter (ADC), a 
voltage feedback compensator, and a PWM generator as shown in Fig. 21. The performance of the 
output voltage regulation is determined by available ADC resolution and PFM frequency resolution of 
the DSP controller. At low switching frequencies, the ADC and the PFM frequency have similar control 
resolution such that the output voltage is well regulated under load variations. The voltage measurement 
resolution using the ADC can be expressed as follows [29]: 
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                                (53) 
where NADC is the ADC bit number and Vout is the output voltage of a power converter. The received 
output voltage information in the DSP controller is the quantized value from an analog signal, which is 
based on the bit change of the ADC. 
From (1) and (51), the input-output voltage gain according to Tb,prd can be expressed as shown in (54). 
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Using (54), the voltage control resolution using the PFM control method can be expressed as follows: 
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where np is the primary to secondary transformer turn ratio and Vin is the input voltage of the power 
converter. The limited Tb,prd makes the large variation of the quantized output voltage and the primary- 
and secondary-side currents with respect to Tb,prd changes. 
 
 
Fig. 22 Variation of input-output voltage gain with limited switching frequency variation. 
 
The calculated ΔVADC and ΔVPFM are around 4.88 mV and 0.2 V, respectively, at 1 MHz switching 
frequency in the general-purpose DSP. The output voltage is regulated by the PFM control, which has 
20 times lower resolution compared with the ADC and induces high steady state error. Therefore, at 
high switching frequency, the power converter frequently changes its switching frequency to 
compensate for accumulated steady-state output voltage error. In turn, this induces larger output voltage 
ripple compared to the conventional low switching frequency operation. This poor controllability of the 
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output voltage regulation is illustrated in Fig. 22, which shows the limitation of the PFM frequency 
resolution, the large switching frequency variation, and the large steady state error of the output voltage 
according to Tb,prd. Therefore, low PFM frequency resolution and periodic switching frequency change 
caused by the steady state error leads to poor output voltage regulation and abnormal current fluctuation 
on the primary- and secondary-sides. 
 
3.2 PFM-PWM Hybrid Control Algorithm 
 
To overcome the technical issue of the limited frequency resolution in the general-purpose DSP, the 
proposed hybrid control method contains not only the PFM control but also the PWM control with an 
intelligent control mode selection algorithm which can determine the proper control mode according to 
operating conditions. The duty cycle generated by the PWM control method is defined as follows: 
100%d
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where td is the time duration of the duty cycle. Using the Fourier series, the fundamental components 
of the input voltage can be obtained in (56). 
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From (1) and (57), the input-output voltage gain using the PWM and PFM hybrid control method can 
be derived as follows [30], [31]: 
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Using (58), the hybrid control method combining the PWM and the PFM control methods can 
compensate the performance degradation of the output voltage regulation, which is caused by the 
limited frequency resolution. 
Fig. 23 (a) shows the voltage gain curve of the LLC resonant converter with respect to the variation 
of the duty cycle. It considers not the parallel resonant frequency, but the series resonant frequency, 
because the series resonant frequency is widely used for design criterion of LLC resonant converter. In 
(58), the output voltage can be regulated using both the changes of fn and td, which means that there are 
two degrees of freedom in the output voltage regulation. Fig. 23 (b) shows the gain surface of the 
proposed PWM and PFM hybrid control algorithm according to the switching frequency and the duty 
cycle variations. It shows both resonant frequencies, the series resonant frequency and the parallel 
resonant frequency. Using two control variables of the pulse width and the switching frequency at the 
same time, the voltage gain can be precisely controlled in the LLC resonant converter, even with poor 
PFM frequency resolution.  
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(a) 
 
(b) 
Fig. 23 Voltage gain of the LLC resonant converter: (a) Gain curve according to the duty cycle at the 
resonant frequency, (b) Gain surface according to the normalized switching frequency and duty. 
 
3.2.A Operational Principle of Hybrid Control 
The proposed PWM and PFM hybrid control method can enhance the output voltage regulation 
performance in the steady state operation using two independent control variables [32]. To implement 
the combination of PWM and PFM control in the hybrid control method, the priority between the pulse 
width and the switching frequency must be determined at the specific operating point. The control 
priority can be determined by the control borderline which separates operational regions of the control 
variables. 
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(a) 
 
(b) 
Fig. 24 PWM and PFM hybrid control algorithm: (a) Output voltage regulation mechanism, (b) Control 
flow chart. 
 
Fig. 24 (a) shows the output voltage regulation mechanism of the proposed hybrid control algorithm. 
There are two red lines, a blue dotted line, and a black dotted line, which show frequency variation 
borderlines, zero steady state error, and accumulated steady state error, respectively. In steady state 
operation, the accumulated steady state error should converge to zero in order to regulate the output 
voltage at the desired value. The frequency variation borderlines indicate switching frequency changes 
for the output voltage regulation. When the accumulated error is located between two frequency 
variation borderlines, the output voltage is regulated by the PWM control. However, the duty cycle 
variation should be limited to guarantee proper resonant operation of the LLC resonant converter. If the 
accumulated steady state error crosses a borderline, the output voltage will be regulated by the PFM 
control. Therefore, the priority of the PWM control is higher than the priority of the PFM control; the 
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output voltage is regulated by switching frequency changes only when the changes in duty cycle cannot 
regulate the output voltage. In the proposed hybrid control algorithm, the PFM control sets the 
preliminary operating point using its limited frequency resolution. Then, the PWM control precisely 
regulates the output voltage using its high control resolution, described in (58). 
Fig. 24 (b) shows the control flow chart of the proposed hybrid control method including the 
intelligent control mode selection algorithm emphasized with the dotted red rectangular in the figure. 
The conventional PFM control has only a switching frequency control loop which includes the voltage 
feedback compensator to regulate the output voltage. However, in the proposed hybrid control method, 
a PWM control block and a control mode selection block are added to minimize the steady state error 
in the output voltage. Every control cycle, the accumulated steady state error is measured and compared 
with the frequency variation borderlines to determine the control method. Then, the gate signal of the 
LLC resonant converter is generated based on the selected control mode: PWM control or PFM control. 
For the PFM control mode, if the accumulated steady state error exceeds the frequency variation 
borderline, the switching frequency is changed by a single step change of Tb,prd to regulate the output 
voltage, while the duty cycle is adjusted to the initial duty ratio. After the single step change of Tb,prd, 
the PWM control mode starts to regulate the output voltage from the initial duty ratio. 
For the hybrid control method, the frequency variation borderlines are practically designed to obtain 
the enough PWM control area. If the borderline is too narrow, the PWM control area will be insufficient 
and may not work properly during small load variations, high switching noise in the power converter, 
or measurement error of the analog to digital converter (ADC). On the other hand, a borderline that is 
too wide can induce poor dynamic performance during load variation. Therefore, the proper frequency 
variation borderlines should be designed in a practical manner. In this research, the width of the control 
borderline is selected as 0.5 (from -0.25 to 0.25), verified by experiments. 
The PWM control included in the proposed hybrid control method also has limited control resolution 
caused by the DSP performance limitation. The DSP has controllable duty cycles determined by a 
specific Tb,prd value, as shown in Fig. 20. For example, 75 Tb,prd generates 1 MHz switching frequency 
and 75 controllable duty cycles. However, the output voltage resolution of the PWM control is almost 
three times higher than that of the conventional PFM control. 
The proposed PWM and PFM hybrid control algorithm is more complex than the conventional PFM 
control method. In Fig. 24 (b), the control mode selection block and the PWM control block should be 
added to the PFM control. In steady state operation, however, the computational burden of two 
additional blocks is not significant compared to the other processing units, such as the ADC, error 
amplifier, and PWM generation in the DSP. 
 
3.2.B Design Considerations of Hybrid Control 
Using the proposed hybrid control method, the control resolution is improved to precisely regulate 
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the output voltage. From (54) and (57), the improved voltage control resolution using the proposed 
PWM and PFM hybrid control method can be expressed as shown in (59). 
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Equation (59) shows that the additional control variable of sinπ(td/Tb,prd) induced from the PWM method 
makes the high voltage gain steps lower than that of the conventional PFM method which can improve 
the output voltage regulation performance. Therefore, in (59), the two independent control variables of 
Tb,prd and td show higher voltage control resolution compared to the conventional PFM control method. 
However, in previous research, this hybrid control method has not yet been adapted for the LLC 
resonant converter in its steady state operation, because the hybrid method increases controller design 
complexity by handling two control variables. Moreover, the large dead time duration caused by the 
proposed hybrid control method can induce ZVS failure in the power MOSFETs. Therefore, the 
maximum dead time duration and the proper magnetizing inductance should be derived to ensure the 
ZVS condition over the entire load range. The conventional magnetizing inductance design constraint 
for the LLC resonant converter can be expressed as follows [32]-[34]: 
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where tdt is the dead time duration, Ceq is the equivalent capacitance of the power MOSFETs, and Lm is 
the magnetizing inductance of the transformer. Using (60), the proper value of magnetizing inductance 
can be obtained for ZVS based on the variations of the switching frequency and the dead time ratio. 
The required magnetizing inductance to achieve ZVS is illustrated in Fig. 25, which shows that the 
highest switching frequency and the largest duty ratio condition has the smallest magnetizing inductance 
value that ensures ZVS over the entire load range. Therefore, the design criteria for the magnetizing 
inductance depends on the lightest load condition and the largest duty ratio. 
The proper magnetizing inductance design is an important factor to achieve ZVS in the power 
MOSFETs. For example, the duty cycle range is determined by the design value of the magnetizing 
inductance. A small duty cycle can induce a non-ZVS condition in the power MOSFETs, as shown in 
Fig. 26. When the non-ZVS condition with large enough dead time occurs, there are three sequential 
states that occur during the dead time, as shown in Fig. 26 (a) and (b). To turn on S1 in this half cycle, 
the primary current charges the output capacitance of S2 and discharges the output capacitance of S1 
(from t1 to t2), which can induce the ZVS operation of S1. After this duration, the primary current flows 
through an antiparallel diode integrated in S1 (from t2 to t3). However, the primary current direction 
changes during the dead time due to its resonance (from t3 to t4). At that time, the primary current can 
charge the output capacitance of S1 during the turn-on process of the power MOSFET(t4). As a result, 
the primary MOSFETs fails to achieve ZVS operation due to the direction change of the primary current. 
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The simulation result also shows the non-ZVS operation caused by a small duty cycle (or long dead 
time duration). Therefore, the minimum duty cycle or the maximum dead time should be limited to 
achieve the ZVS in the power MOSFET for high power conversion efficiency with small switching 
losses. 
 
 
Fig. 25 Magnetizing inductance surface according to switching frequency and dead time for ZVS 
condition. 
 
The basic ZVS condition of two power MOSFETs, upper side and lower side, are different from each 
other. For the upper-side MOSFET, the primary current should be negative during the dead time. For 
the lower-side MOSFET, a positive primary current is required. Using the high side ZVS condition, the 
primary current of the converter can be expressed as follows: 
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x
p p r r
r
V
i t i t t t t t
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where t1 is the turn-off transition time of the lower MOSFET, as shown in Fig. 26 (b), ip(t1) = npVoTs/8Lm, 
ωr = 2πfr, Vx = Vin-Vcr(t1)-npVo, and Zr = sqrt(Lr/Cr). From (61), the ZVS condition of the upper MOSFET 
can be calculated as shown in (62). 
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Using (62), the maximum dead time duration can be calculated as follows: 
arctan
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                                 (63) 
where φ = ip(t1)Zr1/Vx. Using (60) and (63), the proper dead time duration for ZVS can be derived as 
shown in (64). 
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The ZVS condition of the primary MOSFETs can be satisfied with both the proper magnetizing 
inductance and dead time duration using (60) and (64), respectively. 
 
 
(a) 
 
(b) 
Fig. 26 ZVS and non-ZVS operation of the primary switches: (a) Mechanism of non-ZVS operation of 
primary switches, (b) Theoretical waveform of non-ZVS condition. 
 
The design of the duty cycle range is important to achieve high power conversion efficiency using 
the hybrid control for the entire load condition range. The maximum duty cycle has to assure sufficient 
dead time to obtain operational stability which protects the systems from a shoot-through fault between 
high- and low-side power switches. The minimum duty cycle is designed to cover the gain range 
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between two adjacent PFM frequency steps and to guarantee the ZVS operation of the primary 
MOSFETs. Having large variation of the duty cycle allows the hybrid control to cover the gain range 
between PFM frequency steps, but it also increases RMS current on the primary side, which results in 
high conduction loss [35]. However, a small duty cycle range cannot cover the gain range between two 
adjacent PFM frequency steps, which induces operational failure of the hybrid control. Therefore, the 
duty cycle range has to cover one Tb,prd change to improve the output voltage resolution using the 
continuous duty control. In addition, it has to satisfy the ZVS condition using (64). The conventional 
PFM method shows 1% output voltage fluctuation caused by a single Tb,prd step change, while the 
proposed hybrid control method limits the output voltage fluctuation to 0.38% by using a single duty 
cycle step change. 
 
 
(a) 
 
(b) 
Fig. 27. Simulation waveforms of the LLC resonant converter: (a) with the conventional PFM control, 
(b) with the proposed PWM and PFM hybrid control. 
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(a) 
 
(b) 
 
(c) 
 
(d) 
Fig. 28. Experimental waveforms of the output voltage regulation performance according to load 
conditions and controllers: (a) 2 A with the PFM control, (b) 2 A with the hybrid control, (c) 12 A with 
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the PFM control, (d) 12 A with the hybrid control. 
 
3.2.C Simulation and Experimental Results 
Fig. 27 shows the simulation results of the output voltage regulation performance in the steady state 
operation. In Fig. 27 (a), there are periodic output voltage oscillations induced by the limited switching 
frequency resolution of the conventional PFM control algorithm because it uses only frequency changes 
modulated by the variation of Tb,prd. As a result, the primary- and secondary-side currents also have 
oscillations which are similar to the output voltage ripple. In Fig. 27 (b), however, the output voltage 
ripple becomes much smaller than in the conventional case because the output voltage is well regulated 
by the PWM control, which has higher control resolution. In addition, there is smaller current oscillation 
in the primary- and secondary-sides. 
 
Table II Simulation and Experimental Specifications 
Specification Value 
Vin 400 V 
Vo, Io 20 V, 12 A 
Lr 16 μH 
Cr 1.5 nF 
Lm 49 μH 
fr 1.02 MHz 
Borderline -0.25 to 0.25 
Duty Cycle 84% to 90% 
 
Table III Simulation and Experimental Performance Verification 
Performance 
Index 
Conventional PFM Hybrid Method 
Simulation Experiment Simulation Experiment 
Ip,p 2.88 A 3.1 A 2.29 A 2.89 A 
Is,p 24.18 A 24.3 A 21.40 A 21.8 A 
Vo,r 0.70 V 1.67 V 0.35 V 1.14 V 
 
Fig. 28 (a) and (c) show the operational waveforms using the PFM control method according to the 
load variations, which were experimentally obtained with a 240 W prototype LLC resonant converter 
operating at 1 MHz switching frequency. The results show high output voltage ripple and high primary- 
and secondary-side currents due to the frequent switching frequency variation. Fig. 28 (b) and (d) show 
the operational waveforms during load variations using the proposed PWM and PFM hybrid control 
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method. In these experiments, the duty range of the proposed hybrid control is limited between 84% 
and 90% of the entire duty cycle, since this range allows the controller to compensate the drastic gain 
variation by the Tb,prd. Compared with Fig. 28 (a) and (c), the proposed hybrid control algorithm shows 
lower primary- and secondary-side current ripple (around 93% and 90%, respectively), and lower output 
voltage ripple (around 68%). All the design specifications of the simulation and experiment are outlined 
in Table II. All simulation and experimental results are summarized in Table III, where Ip,p is the primary 
side peak current, Is,p is the secondary side peak current, and Vo,r is the output voltage ripple. From (55) 
and (59), the output voltage resolution of the PFM control and the PWM control is around 0.2 V (1%) 
and 0.076 V (0.38%), respectively. However, the power converter has additional output voltage ripple 
caused by the limited output capacitance and its ESR. Moreover, when the switching frequency and the 
duty cycle changes, the output voltage may fluctuate during this transient time. Therefore, the 
experimental results show larger output voltage ripple than the theoretical expectations. 
 
 
(a) 
 
(b) 
Fig. 29 Experimental waveforms of the LLC resonant converter with the proposed hybrid control 
method in the steady state operation: (a) 2A light load condition, (b) 12A full load condition. 
 
Fig. 29 shows the experimental waveforms of the prototype converter with the proposed hybrid 
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control method in steady state operation. Operational waveforms during a light load of 2 A and full load 
of 12 A are shown in Fig. 29 (a) and (b), respectively. The experimental waveforms show stable 
operations at a 1 MHz high frequency switching in steady state with ZVS soft switching capability in 
the primary switches. However, the output voltage shows high frequency ringing induced of parasitic 
components. 
 
 
(a) 
 
(b) 
Fig. 30. Experimental waveforms of ZVS and hard switching condition based on the duty cycle: (a) at 
the minimum duty cycle of the hybrid control (84%), (b) at an improper duty cycle (70%) for hard 
switching. 
 
From (64), the long dead time duration can induce hard switching operation which results in high 
switching loss in the primary MOSFETs. Fig. 30 shows the ZVS and the hard switching operations 
based on the duty cycle range. In Fig. 30, the charging and discharging current of the output capacitance 
can make undesired current spikes and drain-source voltage drop in the primary MOSFETs. Therefore, 
the minimum duty cycle of the hybrid control (84% of duty cycle) obtains ZVS operation, while an 
improper duty cycle (70% of duty cycle), which is smaller than the minimum duty cycle shows hard 
switching operation in the primary MOSFETs. 
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Fig. 31 (a) shows experimental results of the output voltage regulation performance using the 
conventional PFM control at full load. As shown, there are serious output voltage variations starting 
from when the switching frequency varies. However, in Fig. 31 (b), there are two transition steps 
changed by the switching frequency and the duty cycle. The duty cycle is determined by a continuous 
duty cycle control after the single Tb,prd is changed by the proposed control mode decision algorithm. In 
Fig. 31 (b), the output voltage ripple regulated by the proposed hybrid control including the duty cycle 
control is smaller than that of the conventional PFM control. 
 
 
(a) 
 
(b) 
Fig. 31. Experimental waveforms according to switching frequency variations: (a) using the 
conventional PFM control method, (b) using the proposed hybrid control method. 
 
The single PI gain is designed to compensate the steady state error of the output voltage. The value 
of the PI gain was determined through experimental trials and tested over the operating range to ensure 
proper operation. The step load response of the power converter verifies the stability of the hybrid 
control method indirectly. Step load responses from 2 A to 12 A and from 12 A to 2 A load are shown 
in Fig. 32. In Fig. 32 (a) and (b), the conventional PFM control shows relatively fast dynamic 
performance (4.6 ms during step-up and 4.5 ms during step-down). In Fig. 32 (c) and (d), the proposed 
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PWM and PFM hybrid control algorithm shows slower dynamic performance (5 ms in step-up case and 
9.3 ms in step-down case) because the proposed method requires longer processing time to decide the 
appropriate PWM and PFM control modes in order to precisely regulate the output voltage. The slow 
dynamic performance is area of improvement for the proposed hybrid control algorithm, however, the 
output voltage disturbances at the step load changes are not more serious than that of the conventional 
PFM method. In addition, the precise output voltage regulation and the stable operations in the primary- 
and secondary-side currents are significant advantages in steady state operation. 
 
 
(a) 
 
(b) 
 
(c) 
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(d) 
Fig. 32. Experimental waveforms of step load responses according to load variations and controllers: 
(a) from 2A to 12A with the PFM control, (b) from 12 A to 2 A with the PFM control, (c) from 2 A to 
12 A with the hybrid control, (d) from 12 A to 2 A with the hybrid control. 
 
 
Fig. 33. Efficiency curves of the 240 W prototype converter. 
 
Fig. 33 shows power conversion efficiency according to load variations at 1 MHz switching 
frequency. There is no difference in power conversion efficiency between the proposed and 
conventional methods. The efficiency chart shown in Fig. 33 verifies that the proposed PWM and PFM 
hybrid control algorithm does not affect power conversion efficiency compared to the conventional 
PFM control because it improves only the output voltage control performance without changing the 
operating point of the converter.  
 
3.3 FPGA Controller Design 
 
An FPGA controller for an LLC resonant converter is implemented to improve both switching 
frequency resolution and dynamic performance by utilizing its high speed and intrinsic parallelism. The 
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improved performance of the FPGA controller is analysed using theoretical methods and compared to 
that of the DSP controller, and verified through circuit simulation and the experimental signal-level tests 
using the hardware-in-the-loop (HIL) test system. 
 
3.3.A Switching Frequency Resolution Enhancement 
The general-purpose DSP (TI TMS320F28335) and the proposed FPGA (Xilinx XC7A100T) 
controller have 150 MHz and 450 MHz clock frequency, respectively. The clock speed determines the 
time step used to generate the triangular waveform that implements the pulse frequency modulation 
(PFM) gate signals. The time steps can be calculated as follows: 
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where Tb,prd is the number of time steps, Ts is the switching period, and Ttb,clk is the period of the system 
clock. Tb,prd determines the switching frequency resolution by a single bit change in control variables. 
The switching frequency resolution can be calculated as follows: 
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From (65) and (66), the DSP controller has 75 Tb,prd steps and 13.158 kHz switching frequency 
resolution at 1 MHz switching frequency. The FPGA controller has 225 Tb,prd steps and 2.2 kHz 
frequency resolution. From (65), the input-output voltage gain variation can be derived in terms of Tb,prd 
as follows: 
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where Hr is the voltage gain of the LLC resonant converter and fr is the resonant frequency. From (67), 
when the input and output voltages are 400 V and 20 V, the output voltage resolutions of the LLC 
resonant converter using the DSP and FPGA controllers are 200 mV and 13.4 mV, respectively. They 
are larger than the sampling resolution, 4.88 mV, of the 12 bit ADC which are used in the controllers. 
Having lower output voltage resolution than the ADC sampling resolution induces high steady state 
error in the output voltage regulation. The controller frequently changes the switching frequency to 
compensate the error, which generates large output voltage ripple and primary- and secondary-side 
current fluctuation. However, the FPGA controller has 15 times smaller output voltage variation than 
that of the DSP controller, which induces the primary- and secondary-side current variations. 
 
3.3.B Enhancement of Dynamic Performance 
The LLC resonant converter operating at high switching frequency has a high crossover frequency 
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in the open loop transfer function due to the high resonant frequency and small output capacitance. An 
ideal digital controller completes all the computation processes and updates the switching frequency 
within a single switching period. However, with a typical digital controller is difficult to achieve the 
cycle-by-cycle control at high switching frequency due to its limited computational speed. The DSP 
and FPGA controller require 14 μs time delay (= 72 kHz delayed frequency, fd) and 2 μs delay for the 
computation, respectively, to complete a single control process. The transfer function of the time delay 
can be derived as follows: 
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1 delay
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                             (68) 
where Tdelay is the time delay. It makes the drastic decrease of gain and phase near the delayed frequency. 
Therefore, the crossover frequency (i.e. control bandwidth) should be sufficiently lower than the 
delayed frequency to avoid drastic phase drop. 
 
 
(a) 
 
(b) 
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(c) 
Fig. 34. Theoretical loop gain according to the controller: (a) Transfer function of the LLC resonant 
converter, (b) Loop gain of the general-purpose DSP, (c) Loop gain of the designed FPGA controller. 
 
Fig. 34 shows the theoretical transfer function and loop gain of LLC resonant converter using 
MATLAB. The LLC resonant converter can obtain a high control bandwidth with the first double pole 
compensation as shown in Fig. 34 (a). However, the DSP controller cannot obtain high control 
bandwidth because the crossover frequency should be lower than the first double pole frequency to 
avoid drastic phase drop. On the other hand, the FPGA controller can achieve higher control bandwidth 
than that of the DSP controller, since the 500 kHz delayed frequency is sufficiently far from the first 
double pole. 
 
 
Fig. 35. Hardware-in-the-Loop system for the signal-level test. 
 
The DSP controller does not require the first double pole compensation, because it has drastic phase 
drop near the first double pole. A two-pole and one-zero (2P1Z) compensator has a pole at the origin to 
eliminate steady state error and a single zero to boost the phase margin. The additional pole results in -
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20 dB/dec gain drop after the single zero such that the crossover frequency is located before the first 
double pole. The 2P1Z compensator shows 14 times higher control bandwidth (7 kHz crossover 
frequency) than that of the PI compensator (495 Hz crossover frequency), as shown in Fig. 34 (b). 
The FPGA controller requires the first double pole compensation, because it shows drastic phase drop 
at high frequency region (500 kHz). A three-pole two-zero (3P2Z) compensator has a single pole at the 
origin, double zero at the first double pole, and double pole after the crossover frequency to achieve 
enough phase margin and enough damping at high frequency region. The theoretical results show that 
the FPGA shows approximately seven times higher control bandwidth (51 kHz crossover frequency) 
than that of the DSP controller, as shown in Fig. 34 (c). 
 
3.3.C Verification by HIL Tests 
Fig. 35 shows the HIL test structure to implement the signal-level test. The HIL test system operates 
as a virtual converter which changes the measured output voltage according to the load variation. The 
controller obtains the real-time dynamics of the output voltage measurement through the analog 
interface, which shows the switching frequency resolution and computation performance [37], [38]. 
 
 
(a) 
 
(b) 
Fig. 36. Comparison of time delay and switching frequency resolution: (a) Signal-level test with DSP 
controller, (b) Signal-level test with FPGA controller. 
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The time delay and switching frequency resolution are measured by experimental signal-level tests 
shown in Fig. 36. the FPGA controller shows seven times smaller time delay (2 μs) than that of the DSP 
controller (14.08 μs). In addition, the FPGA controller has approximately 5.9 times higher switching 
frequency resolution (2.2 kHz) than that of the DSP controller (13.15 kHz). It induces 5.9 times smaller 
output voltage fluctuation by the limited switching frequency resolution. 
 
 
(a) 
 
(b) 
Fig. 37. Simulation results of output voltage ripple according to controller types: (a) DSP controller 
case, (b) FPGA controller case. 
 
Using the switching frequency resolution and computation time, the simulation model can be 
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designed to measure the output voltage ripple and small signal response according to the controllers. 
Fig. 37 shows the output voltage ripple and primary- and secondary-side current variation using PSIM 
simulation software. The FPGA based converter reduces output voltage ripple (83 %) and primary and 
secondary-side peak current variation (19.1 % and 16.5 %, respectively) compared with the DSP based 
converter. All the performance improvements are listed in Table IV, where Vo,r is the output voltage 
ripple, Ip,p is the primary side peak current, Is,p is the secondary side peak current, and Tup and Tdown are 
the load transient time according to load increment and decrement, respectively. 
 
 
 
(a) 
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(b) 
Fig. 38 Loop gain and step load response according to controller types: (a) DSP controller case, (b) 
FPGA controller case.  
 
Fig. 38 verifies theoretical control bandwidth and dynamic performance. The FPGA controller has 
51 kHz crossover frequency which is 7.28 times higher than that of the DSP controller. In the time 
domain, it shows the dynamic performance with output voltage settling time (1 % voltage error) based 
on the load variations. The settling time of the FPGA controller is 8.7 times (increment) and 6.5 times 
(decrement) faster than that of the DSP controller, respectively. 
 
Table IV Converter Performance according to Controller Types 
 
Specification DSP Controller FPGA Controller 
Vo,r 0.366 V 0.062 V 
Ip,p 2.767 A 2.238 A 
Is,p 28.549 A 23.838 A 
Tup 87 μs 10 μs 
Tdown 97 μs 15 μs 
 
In the view point of cost-effectiveness, the implemented FPGA (XC7A100T-1CSG324C) is five 
times more expensive than the DSP (TMS320F28335). However, the price of the FPGA chip depends 
on the number of look-up tables (LUT). The implemented FPGA controller uses only 2,069 LUTs, 
which corresponds 3 % of total LUTs. It also uses one DSP slice out of 240 total DSP slices and 63 slice 
registers out of 126,800 slice registers. The price of the FPGA can be reduced if we use an FPGA with 
a smaller number of LUTs. For example, the price of XC7A15T-1FTG256C is similar to that of the DSP 
without any performance degradation. 
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IV. Spread Spectrum Technique for EMI Reduction 
 
Previous Section II and Section III shows the increase of power density using the high switching 
frequency operation. In this section, the power density can be improved with small sized EMI filter. 
Recently, the electromagnetic interference (EMI) problems has become significant issues in a switching 
mode power supply (SMPS) to obtain small size, light weight, and high cost effectiveness with high 
functionality [39]. The electromagnetic compatibility (EMC) standards, such as FCC and CISPR define 
the limit of conducted emission (CE), which are usually regulated from 150 kHz to 30 Mhz. It requires 
the careful design of a power converter and its EMI filters. The EMI filter is usually assembled at the 
front side of the SMPS, which is connected to AC utility lines to reduce the CE noises. To effectively 
prevent the CE noises, large CM chokes with big capacitors or multistage CM chokes are required, 
which increases the size and the cost of the EMI filter [40]. Moreover, the value of the Y-capacitor is 
limited by the safety issues on leakage currents [41]. Several methods have been suggested to reduce 
the CE noises, such as an electromagnetic band gap (EBG) filter, passive cancellation, and an active 
EMI filter [42]-[45]. However, these methods require additional components for their implementation, 
and the size and the cost of the additional components also should be considered. 
Spread spectrum technique (SST) has been suggested to effectively mitigates the CE noises without 
any additional components for the EMI reduction [46]-[49]. All the SST’s modulation methods can be 
implemented with control algorithms using a digital signal processor (DSP) or a field programmable 
gate array (FPGA), which improves cost-effectiveness of power converter. In previous research, the 
SST was widely applied to small-sized power supplies such as buck, boost, and flyback converters, 
since the continuous conduction mode (CCM) operation of those topologies is insensitive to the input-
output voltage gain according to the switching frequency variation caused by the SST [50]-[55]. 
However, available topologies are limited to adopt the SST in terms of tight output voltage regulation. 
The limited topologies impose restrictions on their available applications. 
Resonant converters are widely used to various industrial applications, such as lightings, TVs, 
computers, and home appliances. In addition, the resonant converters show high power conversion 
efficiency at the high switching frequency operation because of their soft-switching capability. However, 
the resonant converters are sensitive to the input-output voltage gain according to the switching 
frequency variation caused by the SST. In [55], the SST is applied to the series resonant inverter for 
induction heating (IH) applications. However, the IH application does not require the output voltage 
regulation. In this research, control and design methods are proposed to implement the SST in the 
resonant converter. 
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4.1 PFM-PSM Hybrid Control Algorithm for SST 
 
The spread spectrum has been introduced to mitigate the EMI with several branches’ techniques, such 
as sinusoidal, triangular, Hershey kiss, and random modulation. Fig. 39 shows the EMI reduction using 
the spread spectrum technique. It has switching frequency variations within the range of fc-△f < fc < fc-
△f, where fc is the carrier frequency and △f is the frequency deviation of the spread spectrum. The 
frequency modulation of the carrier frequency due to the spread spectrum is expressed as follows: 
( ) ( )cos 2 2
t
o cs t A f t f d    
−
 
= +  
 

                        (69) 
where Ao is the amplitude of the signal, -1 ≤ ξ ≤ 1 is the driving signal which expresses the frequency 
variation for the spread spectrum. The power of s(t) is equal to Ao
2/2, which can be scattered using the 
spread spectrum technique. 
 
 
Fig. 39 Comparison between narrowband interfering signal and spread spectrum signal. 
 
In this section, a hybrid control method using the PFM and phase shift modulation (PSM) is proposed 
to reduce the EMI noise emission as well as to regulate the output voltage of the LLC resonant converter. 
The triangular modulation is used as the spread spectrum technique. The PFM determines the carrier 
frequency of the spread spectrum according to the load variations. The instantaneous switching 
frequency is determined by the triangular modulation, but it can induce large output voltage fluctuation. 
Therefore, the PSM is applied to compensate the output voltage fluctuation according to the switching 
frequency vibration caused by the spread spectrum. The output voltage regulation and the EMI 
reduction performance using the spread spectrum are verified using a 500 W prototype LLC resonant 
converter. 
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4.1.A Control Algorithm for EMI Reduction 
Fig. 40 shows the circuit diagram of the proposed LLC resonant converter which has a full bridge 
structure to implement the PSM [56]. It has the PFM and PSM controller to regulate the output voltage 
under the spread spectrum. After the PFM and PSM controller, the spread spectrum generator 
implements the triangular frequency modulation. The conventional PFM controller changes the 
switching frequency to compensate the output voltage variation according to the load variation. 
However, it is equal to the carrier frequency variation of the spread spectrum technique. The switching 
frequency variation mixed by the PFM and the spread spectrum cannot achieve the designed EM noise 
reduction as well as the output voltage regulation. In this paper, a hybrid control method is proposed, 
which has two operational modes to achieve the EM noise reduction and the output voltage regulation 
at the same time. First mode is the steady state operation, and the second mode is the transient operation. 
 
 
Fig. 40 Scheme of LLC resonant converter for spread spectrum technique. 
 
Fig. 41 (a) shows the output voltage error variation in the proposed control algorithm. The proposed 
control algorithm has the borderline to the output voltage error to determine the operational modes. In 
the steady state mode, the triangular frequency modulation changes the switching frequency to 
implement the spread spectrum. The PSM only operates to regulate the output voltage of the LLC 
resonant converter. The PFM does not operate in this mode because of the triangular frequency 
modulation for the spread spectrum. Therefore, the controller regulates the output voltage using the 
PSM under the spread spectrum with the triangular frequency modulation. The reduction of EMI peak 
using the spread spectrum was introduced in [46]. The large switching frequency variation(△f) and the 
low triangular modulation frequency (fm) can reduce the peak EMI value. Fig. 41 (b) shows the relative 
peak level reduction according to the △f/fm ratio. In this paper, the designed EMI peak reduction is 14 
μdB less than no spread spectrum case. 
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(a) 
   
(b) 
   
(c) 
Fig. 41 Proposed control algorithm: (a) Output voltage error variation, (b) Peak conducted EMI level 
according to △f/fm ratio, (c) Control sequences. 
 
If the output voltage error is over the borderline, the controller operates in the transient mode. In this 
mode, the PFM rearranges the carrier frequency to regulate the output voltage, because the PSM has 
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limited output voltage regulation range. In addition, small phase shift induces small circulating power 
and rms current. The PSM and the triangular frequency modulation does not operate in the transient 
mode but initialize these values. If the output voltage error is converged to zero, the controller operates 
in the steady state mode. Fig. 41 (c) shows the block diagram of the proposed control algorithm. It also 
shows two operational conditions to implement the spread spectrum technique and the output voltage 
regulation. 
 
4.1.B Output Voltage Regulation 
The LLC resonant converter using only the spread spectrum technique shows the maximum output 
voltage variation which can be derived as follows: 
( ) ( )max max
,max
s in s in
o
G f f V G f f V
V
n
+   − −  
 =
                   (70) 
where G(f) is the converter’s input-to-output voltage gain, Vin is the input voltage, △fmax is the maximum 
switching frequency variation, and n is the transformer’s turn ratio. It shows that the large switching 
frequency vibration from the triangular frequency modulation of the spread spectrum can induce serious 
output voltage variations without any compensating techniques. 
 
 
(a) 
   
(b) 
Fig. 42 PSM control method: (a) Operational waveform, (b) Voltage gain. 
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(a) 
 
(b) 
Fig. 43 Reduction of EMI noise: (a) Common mode noise, (b) Differential mode noise. 
 
The PSM is adopted to compensate the output voltage fluctuation caused by the spread spectrum in 
the steady state operation. The PSM’s voltage gain can be derived as follows: 
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(71) 
where deff is the amount of the phase shift using the PSM, fn is the normalized frequency (fs/fs,n), fs,n is 
the reference switching frequency, k is the magnetizing and the resonant inductance ratio (Lm/Lr), and 
Q is the quality factor. Fig. 42 (a) and (b) show the operational waveforms and the voltage gain of the 
PSM, respectively. In Fig. 42 (b), the PSM can achieve only step-down in the output voltage. The initial 
operating point of the PSM is important to compensate the output voltage error according to the spread 
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spectrum, because it requires both the step-up and step-down capabilities in the output voltage. The 
required voltage gain using the PSM can be derived as follows: 
( ) ( ) ( ) ( ),max ,minre c eff c effG G f f G d G f f G d= +  = −                  (72) 
where deff,min and deff,max is the minimum and maximum effective duty ratio, respectively, and Gre is the 
required voltage gain. The initial operating point can be derived as G(deff,ini) = {G(deff,max) + G(deff,min)}/2. 
 
 
(a) 
 
(b) 
 
(c) 
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(d) 
Fig. 44 Operational waveforms: (a) No spread spectrum, (b) Spread spectrum without compensation, 
(c) Spread spectrum with compensation, (d) Mode transition. 
4.1.C Experimental Results 
Fig. 43 (a) and (b) show the peak common mode and differential mode noises, respectively. The 
spread spectrum technique using the triangular modulation reduces the EM noise effectively. The 
specification of the power converter and the spread spectrum technique used in the experiment is 
described in Table V. Fig. 44 shows the comparison of the output voltage regulation performance. If the 
PSM is not used to compensate the output voltage ripple according to the spread spectrum, the LLC 
resonant converter has 2.6 times higher output voltage ripple than the no spread spectrum case as shown 
in Fig. 44 (b). However, the PSM compensation has 0.58 times smaller output voltage ripple than the 
no compensation case as shown in Fig. 44 (c), which is 1.5 times higher output voltage ripple than the 
no spread spectrum case. Table VI shows the comparison of the output voltage fluctuation and the EM 
noise. Fig. 44 (d) shows mode change cases between the steady state and the transient modes. 
 
4.2 Enhanced Phase Shift Algorithm for SST 
 
In this section, a parallel-series LLC resonant converter using an enhanced phase shift algorithm of 
the frequency modulation of the SST is proposed to suppress the EM noise emission as well as to tightly 
regulate the output voltage [57]. The PFM determines the carrier frequency of the spread spectrum 
according to the load variations. The triangular modulation is applied to the SST to obtain performance 
balance between the EMI reduction and easy of implementation. In addition, the parallel-series structure 
and the proposed phase shift algorithm can mitigate the output voltage fluctuation according to the SST. 
Using the proposed methods, the SST can be continuously applied to the converter, which does not 
depend on the load variation. The operational principles of the proposed parallel-series LLC resonant 
converter employing the phase shift algorithm, and the reduction of the output voltage fluctuation will 
be analyzed to obtain design considerations and to estimate performance improvements. The output 
voltage regulation and the EMI reduction performances using the SST will be verified using a 600 W 
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prototype parallel-series LLC resonant converter. 
 
 
(a) 
 
(b) 
Fig. 45 Schematic of the proposed converter and system: (a) parallel-series LLC resonant converter, (b) 
entire input power structure of OLED TV. 
 
Fig. 45 (a) shows the schematic of the parallel-series LLC resonant converter which has a parallel 
connection on the primary side and a series connection on the secondary side. The target application of 
the converter is a DC transformer for flat panel display (FPD) applications, especially an organic LED 
(OLED) TV, which has the specification of 400 V input voltage and 380 V output voltage. Fig. 45 (b) 
shows the entire input power structure of the OLED TV, which requires the DC transformer to achieve 
a galvanic isolation between the AC grid to the TV side. In addition, the OLED driver requires high 
output voltage (380 V) and low output current (1.58 A). 
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Fig. 46 Relative peak level of conducted emission EMI according to △f/fm. 
 
4.2.A Compensation Algorithm for Output Voltage Regulation under SST 
The SST can reduce the peak values of the EM noise. Using wide switching frequency variation (△f) 
and low triangular modulation frequency (fm), the converter employing the SST can obtain high EMI 
reduction performance. Fig. 46 shows the reduction of relative peak levels of conducted emission EMI 
according to △f/fm ratio. In this study, the desired reduction level of the EMI peak is 10 dBuV comparing 
with the case without the SST. 
The SST requires wide switching frequency variation to reduce the EM noise. The LLC resonant 
converter has serious output voltage fluctuation caused by the SST, since the voltage gain of the 
converter is determined by the switching frequency. The voltage gain of the LLC resonant converter 
can be derived as follows: 
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where λ is the resonant inductance and magnetizing inductance ratio and fn is the normalized frequency. 
The output voltage variation according to the SST can be derived as follows: 
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                    (74) 
where G(f) is the input-to-output voltage gain of the LLC resonant converter, Vin is the input voltage, 
△fmax is the maximum switching frequency variation, and n is the transformer’s turn ratio. It shows that 
the wider switching frequency variation induces the larger output voltage fluctuation. 
Fig. 47 (a) shows the theoretical operating waveforms of the switching frequency variation and the 
output voltage fluctuation of the converter according to the SST. In this case, the power converter uses 
a conventional in-phase modulation on the SST. All the switching legs have the same pattern for the 
switching frequency variation, which induces the same fluctuation shape of the output voltage (Vo1 and 
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Vo2). It becomes the sum of Vo1 and Vo2 because of the series connection in the secondary output. The 
output voltage fluctuation of the parallel-series LLC resonant converter employing the SST can be 
derived as follows: 
( ) ( ) ( ) ( ),
1 2
in in
o c c c c c
V V
V G f f G f f G f f G f f
n n
 =  −  − +   +  −  − +     
         (75) 
where △Vo,c is the output voltage fluctuation under the conventional in-phase modulation, and n1 and 
n2 are the transformer turn ratios. Therefore, the same variation of Vo1 and Vo2 induces serious output 
voltage fluctuation without any compensation method. 
 
(a) 
  
(b) 
Fig. 47 Theoretical operating waveforms of the parallel-series LLC resonant converter employing the 
SST: (a) with the conventional in-phase modulation, (b) with the proposed phase shift algorithm. 
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Fig. 48 Control block diagram of the proposed phase shift algorithm and SST. 
 
The parallel-series structure of the converter and the phase shift algorithm of the SST can solve this 
output voltage fluctuation problem under the spread spectrum operation. The parallel-series structure 
can independently control each output voltage of Vo1 and Vo2. In addition, the performance of the output 
voltage regulation is determined by out of phase between Vo1 and Vo2. Fig. 47 (b) shows the theoretical 
operating waveforms of the proposed phase shift algorithm and the output voltage fluctuation. The first 
converter shows in-phase switching pattern of the SST. The second converter shows 180° phase shifted 
switching pattern of the SST. The phase shifted switching pattern generates 180° phase shifted voltage 
variation according to the first converter. When n1 and n2 are same turn ratio, the output voltage 
fluctuation using the proposed algorithm and structure can be expressed as follows: 
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G f f G f f V
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where △Vo,p shows the amount of the voltage variation using the proposed algorithm and structure, 
which is ideally compensated to zero. Fig. 48 shows the control block diagram of the proposed phase 
shift algorithm of the SST to mitigate the EM noise and to improve the output voltage regulation. The 
digital controller (TI TMS320F28335) is used to implement the proposed phase shift algorithm and the 
SST. 
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(a) 
 
(b) 
Fig. 49 Comparison of voltage gain variations: (a) non-linear characteristic of voltage gain according 
to load and operating frequency. (b) according to compensation by phase shift algorithm. 
 
4.2.B Design Considerations of Voltage Gain 
The voltage gain of the LLC resonant converter is non-linear. The proposed phase shift algorithm for 
the SST cannot make the output voltage ripple zero. The analysis of the output voltage variation 
according to the SST is significant to design the resonant network of the converter. Fig. 49 (a) shows 
the non-linear voltage gain curve of the LLC resonant converter, which operates under a specific 
switching frequency range to regulate the output voltage. The voltage gains show different slope 
according to load conditions. Using (75) and (76), Fig. 49 (b) shows the voltage gain variation using 
the proposed phase shift algorithm comparing with the conventional in-phase modulation case. The 
voltage gain variation with the conventional in-phase modulation is ten times larger than that with the 
proposed phase shift algorithm. In addition, they show the larger output voltage fluctuation under the 
wider frequency variation caused by the non-linear characteristic of the voltage gain. 
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4.2.C Experimental Results 
Fig. 50 (a) and (b) show the quasi peak values of common mode and differential mode conducted 
emission EM noises, respectively. From Fig. 50, using the SST, all the EMI can effectively be reduced. 
Table VII describes detail specifications of the 600 W prototype parallel-series LLC resonant converter 
and the employed SST used in the experiments. Fig. 51 illustrates experimental operating waveforms 
of the prototype converter according to the SST. Fig. 51 (a) shows the operating waveforms under the 
conventional in-phase modulation, which has the same operating pattern of the SST and no difference 
to each other converter. Fig. 51 (b) shows the operating waveforms using the proposed phase shift 
algorithm of the SST, which has a 180° phase shift between two converters. Fig. 52 shows the output 
voltage regulation performance according to the operating cases. Fig. 52 (a), (b), and (c) show the steady 
state operating waveforms of no SST, using the SST using the conventional in-phase modulation, and 
using the SST using the proposed phase shift algorithm, respectively. Without the SST, the output 
voltage ripple is 2.425 V. Using the SST using the in-phase modulation, the voltage ripple is 15.511 V 
which is 6.39 times higher than no SST case. Using the SST with the proposed algorithm, the voltage 
ripple is 3.876 V which is four times smaller than the in-phase modulation case. Table VIII shows the 
performance comparison of the EMI reduction and the output voltage regulation using the SST with the 
proposed algorithm. 
 
 
(a) 
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(b) 
Fig. 50 Experimental measurements of CE noise reduction performance: (a) Common mode noise, (b) 
Differential mode noise. 
 
Table VII Designed Specification 
Specification 
Input Voltage 400 V 
Load Condition 380 V, 1.58 A 
Resonant Capacitor 36 nF 
Resonant Inductance 83 uH 
Magnetizing Inductance 290 uH 
△f 13.5 kHz 
fm 450 Hz 
 
 
(a) 
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(b) 
Fig. 51 Experimental operating waveforms using SST: (a) with in-phase modulation, (b) with the 
proposed phase shift algorithm. 
 
 
(a) 
 
(b) 
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(c) 
Fig. 52 Experimental waveforms of output voltage, switch voltage, primary and secondary currents: (a) 
No SST, (b) Using SST with in-phase modulation, (c) Using SST with the proposed phase shift 
algorithm. 
 
Table VIII Performance Comparison of EMI Reduction and Output Voltage Regulation 
Measured Results No SST 
SST with in-phase 
modulation 
SST with phase shift 
algorithm 
Peak CM noise 67.2 dBμV 54.9 dBμV 50.1 dBμV 
Peak DM noise 71.7 dBμV 64.9 dBμV 61.9 dBμV 
Output voltage 
ripple 
2.425 Vpp 15.511 Vpp 3.876 Vpp 
 
4.3 APWM HB Resonant Converter under SST 
 
In this section, a half-bridge (HB) resonant converter using an asymmetric pulse-width modulation 
(APWM) is proposed to achieve both the size reduction of the EMI filters using the SST and the tight 
output voltage regulation [58]. The design methodology of its resonant tank will be analyzed to properly 
implement the SST and the tight output voltage regulation at the same time. In addition, zero voltage 
switching (ZVS) capability of the primary switches will be analyzed to obtain the high power 
conversion efficiency under the SST. The SST will be designed to satisfy the required output voltage 
regulation and to reduce the EM noise. The size reduction of the input EMI filters will be demonstrated 
by experimental results with SST to improve the power density of the resonant converter. The 
performance of output voltage regulation and EM noise reduction will be verified with 100 W prototype 
HB resonant converter. All the experimental results are measured with respect to standard EMI test 
condition. 
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The target application is a small sized power supply for the home appliances which requires the rated 
power of 100 W and 20 V (6%) output voltage. This structure effectively shows the EM noise reduction 
of target DC-DC converter using the SST without the EM noise of active PFC circuit. The HB resonant 
converter has soft switching capability on the primary side power switches, which can obtain high 
power conversion efficiency to implement high switching frequency operation for its high power density. 
In addition, the HB resonant converter employing the APWM can obtain small voltage fluctuation 
according to the switching frequency variation. 
 
4.3. Spread Spectrum Design 
The reduction of the EM noises is determined by the switching frequency variation (△f) and the 
modulation frequency (fm) of the SST, which can be described as a modulation index (mf = △f/fm). The 
modulation method of the SST is selected to the triangular modulation. Fig. 53 shows the theoretical 
reduction of the EM noises using the triangular modulation according to mf, which describes the EM 
noise reduction at the switching frequency. High order harmonics have high modulation index (h·mf) 
compared with that of the carrier frequency (mf), which is effective to reduce the high frequency 
harmonics. From Fig. 53, the higher mf shows the greater reduction of the EM noises, which can reduce 
the size of EMI filters. 
The fm is higher than the resolution bandwidth (RBW) of EM noise measurement to achieve noise 
reduction. The standard RBW for 150 kHz to 30 MHz is 9 kHz in industrial area. In this research, the 
spectrum analyzer (9320B, Keysight) used in the experiments has 10 kHz RBW. The fm is designed to 
11 kHz with ten percent design margin. The △f determines the EM noise reduction. However, the large 
EM noise reduction requires larger switching frequency variation which can induce the larger output 
voltage fluctuation. Therefore, the reduction of the EM noises is determined by the available switching 
frequency range changed by the SST. The available switching frequency range can be designed by 
considering the specification of the output voltage fluctuation. 
 
 
Fig. 53 EM noise reduction according to the modulation index (mf). 
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(a) 
 
(b) 
Fig. 54 Input-output voltage gain curves: (a) according to quality factor, (b) according to Lm/Lr ratio. 
 
4.3.B Power Stage Design for Tight Output Voltage Regulation 
The SST requires large switching frequency variation to reduce the EM noises, which can generate 
the input-output voltage gain fluctuation. The input-output voltage gain according to the switching 
frequency variation can be derived as follows: 
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where fn is the normalized frequency using the resonant frequency, Lm is the magnetizing inductance, Lr 
is the resonant inductance, and Q is the quality factor. From (77), the voltage gain fluctuation caused 
by the SST can be derived as follows: 
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where G(fn) is the input-output voltage gain according to the switching frequency, fc is the carrier 
frequency, fr is the resonant frequency, and △fmax is the maximum switching frequency range. The 
voltage gain variation according to the switching frequency variation of the SST is determined by the 
design of the resonant tank. From (77) and (78), the smaller input-output voltage gain fluctuation can 
obtain the tighter output voltage regulation. 
The resonant tank of the HB resonant converter consists of Lm, Lr, and resonant capacitance (Cr). The 
resonant components and load condition determine the quality factor which decides the shape of the 
voltage gain according to the switching frequency. Using (77), Fig. 54 (a) shows the voltage gain curves 
according to the quality factor. The higher quality factor has the wider voltage gain variation near the 
resonant frequency (fr1) according to the values of Lr and Cr. The voltage gain variation near the resonant 
frequency is proper for the pulse frequency modulation. However, it has large output voltage fluctuation 
using the SST. The lower quality factor shows the flatter voltage gain near the resonant frequency, which 
has small voltage gain variation using the SST near the resonant frequency. Under the rated load 
condition, the smaller resonant inductance and the bigger resonant capacitance are required to obtain 
the smaller output voltage fluctuation according to the switching frequency variation. 
The magnetizing inductance is significant to obtain the small input-output voltage gain fluctuation 
caused by the switching frequency variation of the SST. Fig. 54 (b) shows voltage gain curves according 
to Lm/Lr ratio. The smaller Lm/Lr ratio induces the higher resonant frequency (fr2) according to the values 
of Lm, Lr, and Cr, which is closed to the resonant frequency (fr1). It has large voltage gain variation near 
fr1 according to the switching frequency variation caused by the SST. The higher Lm/Lr ratio induces the 
larger frequency difference between fr1 and fr2. It makes small voltage gain variation according to the 
switching frequency variation caused by the SST. Therefore, the larger magnetizing inductance can 
obtain the tighter output voltage regulation under the spread spectrum operation. 
 
 
Fig. 55 Maximum magnetizing inductance curves for ZVS capability according to switching frequency 
variation. 
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4.3.C Magnetizing Inductance Design for ZVS Capability 
The larger magnetizing inductance can obtain the smaller voltage gain variation caused by the 
switching frequency variation of the SST. However, it can lose the ZVS capability on the primary side 
power switches. The maximum magnetizing inductance without losing the ZVS capability can be 
derived as follows: 
,min ,min
2
o s
m
R t
L


                               (79) 
where Ro,min is the minimum load resistance [= n
2·(Vo/Io)], n is the turn ratio, Vo is the output voltage, Io 
is the load current, and ts,min is the minimum turn-off duration of S2. However, it does not consider the 
switching frequency variation. The HB resonant converter using the SST should consider the maximum 
switching frequency to obtain the maximum magnetizing inductance which can guarantee the ZVS 
capability. The proposed minimum turn-off duration can be derived as follows: 
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where Ds2,max is the maximum duty ratio of S2, Cs is the parasitic capacitance of the primary switches, 
Vin is the input voltage, Io,max is the maximum output current, and tdt,min is the minimum dead-time 
duration at the maximum switching frequency. The magnetizing inductance can be designed using (79) 
and (80) to achieve the tight output voltage regulation and to obtain the ZVS capability. 
 
 
Fig. 56 Voltage gain fluctuation according to switching frequency variation. 
 
4.3.D Practical Design Guides 
The output voltage regulation performance is determined by the switching frequency variation (△f) 
caused by the SST. In this research, the resonant frequency is 450 kHz which is the carrier frequency 
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of the SST. The Vin is the AC grid voltage (220 Vac,rms) which makes the DC link voltage of 310 Vdc,link. 
The transformer turn ratio is eight. The Ds2,max is 0.6 with enough margin to regulate the output voltage 
(20 V). The dead time of tdt has five percent of the switching period. The primary switches use GaN 
MOSFETs (GS66508P, GaN Systems), which has 142 pF of its output capacitance. With those 
specifications and (79), Fig. 55 shows the maximum magnetizing inductance curves according to the 
switching frequency variation caused by the SST. The larger switching frequency variation requires the 
smaller magnetizing inductance to obtain the ZVS capability, which induces the larger output voltage 
fluctuation according to the switching frequency variation. 
The higher coupling coefficient (kc) of the transformer can obtain the smaller resonant inductance. 
According to the coupling coefficient, the resonant inductance can be determined by the magnetizing 
inductance. In addition, the resonant capacitance can be decided by the resonant inductance and the 
resonant frequency. From (78) and (79), Fig. 56 shows the input-output voltage gain fluctuation 
according to the switching frequency variation caused by the SST. The higher switching frequency 
shows the larger output voltage fluctuation. The switching frequency variation caused by the SST can 
be designed to satisfy the desired regulation range (6%) of the output voltage. 
 
 
Fig. 57 Output voltage ripple and fluctuation according to switching frequency variation. 
 
The total output voltage fluctuation is the sum of the output voltage ripple caused by the converter’s 
switching activity and the output voltage fluctuation caused by the SST, which can be derived as follows: 
f ripple sstV V V= +                                (81) 
where Vripple is the output voltage ripple and Vsst is the output voltage fluctuation according to the SST. 
The output voltage ripple Vripple can be derived as follows: 
max
2
s peak
ripple o esr
o
D T I
V I R
C
= +
                          (82) 
where Ipeak is the secondary side peak current, Co is the output-stage capacitance, and Resr is the effective 
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series resistance of the output capacitor. Fig. 57 shows the total output voltage fluctuation derived by 
(81) and (82). The output voltage ripple is the constant value determined by the output-stage capacitance 
and the switching characteristics. As shown in Fig. 57, the switching frequency variation is limited by 
the maximum output voltage fluctuation. 
 
Table IX Designed Specification 
Specification 
Input Voltage 311 Vdc,link 
Load Condition 20 V, 5 A 
Resonant Capacitor 65.8 nF 
Resonant Inductance 1.9 uH 
Magnetizing Inductance 61 uH 
△f 60 kHz 
fm 11 kHz 
 
 
Fig. 58 Design flow chart of power stage and SST for the proposed HB resonant converter. 
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The switching frequency variation (△f) of the SST is 60 kHz to obtain good output voltage regulation 
performance, as shown in Fig. 56. From fm and available △f, mf is 5.45 as shown in Fig. 53. The designed 
SST can reduce the EM noises around 8 dBμV. In addition, the power converter can satisfy the desired 
output voltage regulation performance with ± 2.8% output voltage fluctuation. Table IX shows the 
specification of the designed power converter and the SST. Fig. 58 shows the design flow chart of the 
power stage and the SST. The resonant tank is selected to obtain the desired output voltage regulation 
performance. The SST can be designed to obtain both the desired output voltage regulation performance 
and the enough EM noise reduction. 
 
4.3.E Experimental Results 
Fig. 59 shows the prototype converter and measuring setup. It configured with the oscilloscope 
(610Zi, Teledyne Lecroy), electric load (PLZ1004WH, KIKUSUI), LISN (LN2-16N, EMCIS), and 
spectrum analyzer (9320B, Keysight). This experimental setup can satisfy the CE measuring standard. 
Fig. 60 shows the steady-state waveforms operating at the full load condition. Fig. 60 (a) shows the 
ZVS operation of the power switches and output voltage ripple of 839 mV. Fig. 60 (b) shows the 
operating waveforms using the SST, which has switching frequency variations caused by the triangular 
modulation. Fig. 60 (c) shows the operating waveforms without the SST, which has no switching 
frequency variation. The output voltage ripple with the SST is around 1.12 Vpp, which is 1.3 times higher 
than no SST condition. 
 
 
Fig. 59 Experimental setup of 100 W prototype power converter. 
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(a) 
 
(b) 
 
(c) 
Fig. 60 Steady state operating waveforms of the APWM resonant converter: (a) Output voltage ripple 
and ZVS operation, (b) With SST, (c) Without SST. 
 
In [54], the hybrid modulation is applied to the LLC resonant converter, which has the discontinuous 
operation of the SST. It has high peak EM noises under the load transient condition. Fig. 61 shows the 
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dynamic responses of the HB resonant converter using the APWM with and without the SST. Fig. 61 
(a) and (b) show the load change response without the SST. Fig. 61 (c) and (d) show the load change 
response with the SST. The HB resonant converter using the APWM has the continuous SST operation, 
which has no high peak EM noises under the load transient condition. In addition, it has tight output 
voltage regulation during the load transient operation. Table X shows the output voltage ripple in the 
steady-state operation and under the load transient condition with and without the SST. The steady state 
operation can satisfy the required output voltage regulation performance (6%). 
 
Table X Output Voltage Regulation Performance 
Output voltage ripple No SST SST 
At the steady state operation 839 mVpp (4.2 %) 1.127 Vpp (5.5 %) 
At the load transient operation 1.33 V 1.47 V 
 
 
(a) 
 
(b) 
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(c) 
 
(d) 
Fig. 61 Operating waveforms of dynamic responses: (a) Light (10%) to full (80%) load change without 
the SST, (b) Full to light load change without the SST, (c) Light to full load change with the SST, (d) 
Full to light load change with the SST. 
 
The CE noises from the proposed power converter are measured from 150kHz to 30MHz using the 
CE test standard setup. The CM/DM noise separator (EA-2100, EMCIS) is also used to analyze the CM 
and DM noise characteristics. The measured CM and DM noises are shown in Fig. 62 (a) and (b), 
respectively, as well as the total CE noise at ac power line depicted in Fig. 62 (c). Before the installation 
of the EMI filter, conducted emissions with and without the SST operation have been compared. The 
critical peak values at the fundamental frequency and the harmonics of 450 kHz are meaningful where 
it is the switching frequency of the HB resonant converter. The SST operation achieves the CE reduction 
by 5 to 20dB in the overall frequency range of the CE test for both the CM and DM noises. Especially, 
the SST operation tends to reduce more CE noises at the high frequency range which is higher than 1 
MHz. 
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(a) 
 
(b) 
 
(c) 
Fig. 62 Measurement results of CE noises without EMI filters: (a) CM noise, (b) DM noise, and (c) 
total CE noise at an ac power line. 
Even though the SST operation can reduce both the CM and DM noises, the amount of the noise 
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reduction is still not enough to satisfy the quasi-peak limit of the CISPR- Class B regulation standard, 
as shown in Fig. 62 (c). To achieve more noise reduction by using the SST, △f should be increased but 
the increment of △f can degrade the output voltage regulation performance. Therefore, applying EMI 
filters with the SST can efficiently perform enough CE noise reduction. To design the EMI filter 
properly, the noise source impedance of the proposed resonant converter should be obtained by a simple 
method described in [59], which utilizes the amounts of measured CE noises with and without a 
reference impedance. The magnitude of the CM and DM noise source impedance at 450 kHz was 
extracted as 1.9 kΩ and 9Ω, respectively. Based on the information of the extracted noise source 
impedance, the single stage EMI filter has been designed as shown in Fig. 63 (a). The designed single 
stage EMI filter consists of a 2.2 μF X-capacitor, a CM choke, and a pair of 4.7 nF Y-capacitors, where 
the CM choke has 3 mH inductance at 100 kHz. Additionally, two stage EMI filter has been designed 
by adding the same 2.2 μF X-capacitor and 3 mH CM choke as shown in Fig. 63 (b) to compare the 
noise attenuation performance between the single stage filter with the SST and the two stage filter 
without the SST. 
 
 
(a) 
 
(b) 
Fig. 63 Circuit diagram and photograph of designed EMI filters: (a) Single stagestructure and (b) Two 
stage structure. 
 
The designed EMI filter has been installed in front of the proposed HB resonant converter, and the 
measured CM, DM, and total CE noises are shown in Fig. 64 (a), (b), and (c), respectively. In Fig. 64 
(a), the CM noise peaks at 450 kHz, 2.3 Mhz, 20 Mhz, and 25 Mhz are still higher than the quasi-peak 
limit of the CE regulation standard when only the single stage filter is installed without the SST 
operation. In addition, the DM noise peaks at 450 kHz and 900 kHz are also higher than the regulation 
standard as shown in Fig. 64 (b). By adding one more CM choke and X-capaictor, two stage filter can 
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sufficiently reduce the conducted emission below the quasi-peak limit for both the CM and DM noises, 
however, it significantly increases the size and cost of the EMI filter as shown in Fig. 63. In addition, 
the noise attenuation performance of high frequency range over a few MHz can be worse than an 
expected designed value since the parasitic impedance and mutual coupling between the components 
of the EMI filter can critically degrade the noise attenuation performance at the high frequency range 
[60], [61]. 
 
 
(a) 
 
(b) 
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(c) 
Fig. 64. Comparison of measured CE noises according to EMI filter stages and SST operations: (a) CM 
noise, (b) DM noise, and (c) total CE noises at a ac power line. 
 
In the case of the single stage filter with SST operation, however, both the CM and DM noise can be 
efficiently reduced without any additional components on the EMI filter as shown in Fig. 64 (a) and (b). 
Moreover, the noise reduction by the SST operation have great effect at high frequency over few MHz, 
then the CE result of the single stage filter with SST operation have similar or better performance 
comparing with the CE result of 2 stage filter without SST operation. Thus, the total CE level at a power 
line is managed under limit of the CE regulation without any additional components from 1 stage EMI 
filter by applying the SST operation, as shown in the Fig. 64 (c). Therefore, the SST can effectively 
reduce the size and cost of the EMI filter. 
 
 
Fig. 65 Power conversion efficiency according load variation with and without the SST. 
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The power conversion efficiency of the HB resonant converter using the APWM is shown in Fig. 15. 
From Fig. 65, the spread spectrum operation does not affect to the power conversion efficiency in the 
steady-state of the power converter. 
The SST has disadvantage on the lifetime of the output capacitor, because the SST induces the output 
voltage fluctuation. It makes output current ripple on the output rectifier. The high output current ripple 
induces the high temperature on the output capacitor, which makes the fast dry-out of the output 
capacitor. The heat rise of the capacitor can be derived as follows: 
2
ripple esr
c
I R
T
S
 =
                                (83) 
where Iripple is the output current ripple, Resr is the parasitic resistance of the output capacitor, S is the 
surface of the capacitor, and β is the heat radiation factor. The SST induces the output current fluctuation 
according to the output voltage fluctuation. However, the proposed control algorithm can improve the 
lifetime of the output capacitor with the tight output voltage regulation. In addition, the small ESR has 
small temperature rise at the high switching frequency operation. 
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V. Summary 
 
5.1 Power Stage Design for 1 MHz LLC Resonant Converter 
The high switching frequency converter can be optimized to achieve smaller power loss and high 
power density. In aspect of power stage, the parasitic components make side effects which induces 
undesired operating waveforms. The differences between conventional switching frequency and high 
switching frequency should be reflected to the power stage design. The power stage operating at MHz 
switching frequency is analyzed to obtain the soft commutation of secondary diodes and small voltage 
spike on the secondary diode. The time delay effect by the limited DSP computation performance is 
analyzed to design the loop gain of the high frequency LLC resonant converter. 
 
5.2 PFM-PWM Hybrid Control and FPGA Controller for High Switching Frequency 
Operation 
The limited resolution of DSP makes the large output voltage ripple by the large switching frequency 
variation at high switching frequency condition. The PFM-PWM hybrid control algorithm is proposed 
to suppress the output voltage ripple by the switching frequency variation. The operational principle 
and the power stage design methodology are analyzed to implement the proposed control algorithm. In 
addition, the FPGA controller is proposed to reduce the output voltage ripple and improve the dynamic 
performance. The high performance FPGA makes high switching frequency resolution and fast 
computation speed compared with general purposed DSP. The LLC resonant converter can achieve 
well-regulated output voltage and fast dynamics with high performance FPGA. 
 
5.3 EMI Reduction Methods for Resonant Converters 
The EMI noise reduction is necessary to obtain the high power density of the power converter and 
high cost-effectiveness with small sized EMI filter. The spread spectrum technique is one of solution to 
reduce the EM noise of power converter. However, the large switching frequency variation makes large 
output voltage fluctuation. The several control algorithms and design methods are proposed to 
implement the SST at the resonant converter. The control algorithms can improve the EM noise 
reduction and output voltage regulation. The design method verifies the EM noise reduction with small 
sized EMI filter. 
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VI. Conclusion and Future Work 
 
6.1 Conclusion 
In this thesis, three research topics are introduced to improve the performance of high frequency 
resonant converter. The equivalent model of LLC resonant converter is analyzed to obtain the high 
power conversion efficiency at the 1 MHz switching frequency. The resonant tank and power stage are 
designed from the modified equivalent model of LLC resonant converter. In addition, the feedback loop 
is designed with the consideration of the time delay effect of digital controller. In terms of output voltage 
regulation, the limited PWM resolution makes poor output voltage regulation performance at high 
switching frequency. The PFM-PWM hybrid control algorithm is introduced to obtain the tight output 
voltage regulation at the 1 MHz switching frequency. The operational principles and design 
methodology are analyzed to obtain the high power conversion efficiency, the stability, and the output 
voltage regulation performance. In terms of EMI issue, the spread spectrum technique (SST) is applied 
to the resonant converter to reduce the electromagnetic interference (EMI), which also improves the 
power density of the power converter with small EMI filter size. However, the wide switching frequency 
variation induces the large output voltage fluctuation on the resonant converter. In this thesis, several 
control algorithms are introduced to achieve tight output voltage regulation and EMI reduction, 
simultaneously. All the proposed design considerations and control algorithms are verified with the 
simulation and experimental results. 
 
6.2 Future Work 
1. AC-DC Converter with SST 
In this thesis, the SST is applied to DC-DC resonant converters. However, the EMI reduction on the 
AC-DC converter is necessary to suppress the EM noise in terms of the total power conversion system. 
In the future work, the AC-DC converter with the high switching frequency and the high power 
conversion efficiency will be developed to implement the SST. 
 
2. Power Line Communication (PLC) using SST 
The power converter with the SST is the dual functional system, which includes the power 
transmission with output voltage regulation and the EM noise reduction. However, this system can 
increase the functionality with power line communication using the SST. In the future work, the SST is 
applied to the converter for the EM noise reduction and the PLC. 
 
 
 
97 
 
References 
 
1. W. Zhang, F. Wang, D. J. Costinett, L. M. Tolbert and B. J. Blalock, "Investigation of Gallium Nitride 
Devices in High-Frequency LLC Resonant Converters," in IEEE Transactions on Power Electronics, 
vol. 32, no. 1, pp. 571-583, Jan. 2017. 
2. K. Steven, “Build High Energy Density Power Supplies with Integrated eGaN Power Stages” 
technical article, 2019. 
3. L. Bing, L. Wenduo, L. Yan, F. C. Lee, and J. D. Van Wyk, “Optimal design methodology for LLC 
resonant converter,” in Applied Power Electronics Conference and Exposition (APEC), March 2006. 
4. J. F. Lazar and R. Martinelli, “Steady-state analysis of the LLC series resonant converter,” in Applied 
Power Electronics Conference and Exposition (APEC), California, USA, pp. 728-735, Mar 2001. 
5. R. Beiranvand, B. Rashidian, M. R. Zolghadri, and S. M. H. Alavi, “Using LLC Resonant Converter 
for Designing Wide-Range Voltage Source,” IEEE Trans. Industrial Electron, Vol. 58, No. 5, pp. 
1746-1756, May 2011. 
6. R. Beiranvand, B. Rashidian, M. R. Zolghadri, and S. M. H. Alavi, “A Design Procedure for 
Optimizing the LLC Resonant Converter as a Wide Output Range Voltage Source,” IEEE Trans. 
Power Electron., Vol. 27, No. 8, pp. 3749-3763, Aug. 2012. 
7. G. Ivensky, S. Bronshtein, and A. Abramovitz, “Approximate Analysis of Resonant LLC DC-DC 
Converter,” IEEE Trans. Power Electron., Vol. 26, No. 11, pp. 3274-3284, Nov. 2011. 
8. F. Xiang, H. Haibing, Z. J. Shen, and I. Batarseh, “Operation Mode Analysis and Peak Gain 
Approximation of the LLC Resonant Converter,” IEEE Trans. Power Electron., Vol. 27, No. 4, pp. 
1985-1995, Apr. 2012. 
9. S. De Simone, C. Adragna, C. Spini, and G. Gattavari, “Design-oriented steady-state analysis of LLC 
resonant converters based on FHA,” in Proc. SPEEDAM, pp. 200-207, May 2006. 
10. R. Beiranvand, B. Rashidian, M. R. Zolghadri, and S. M. H. Alavi, “Optimizing the Normalized 
Dead-Time and Maximum Switching Frequency of a Wide-Adjustable-Range LLC Resonant 
Converter,” IEEE Trans. Power Electron., Vol. 26, No. 2, pp. 462-472, Feb. 2011. 
11. L. Teng, Z. Ziying, X. Aiming, J. Zeng, and Y. Jianping, “A Novel Precise Design Method for LLC 
Series Resonant Converter,” in Proc. INTELEC, pp. 1-6, Sept 2006. 
12. J.-H. Jung and J.-G. Kwon, “Theoretical analysis and optimal design of LLC resonant converter,” 
in IEEE Power Electronics and Applications (EPE) 2017, Aalborg, Denmark, Vol. 1, pp. 1-10, Sept 
2015. 
13. F. Musavi, M. Craciun, M. Edington, W. Eberle, and W. G. Dunford, “Practical design 
considerations for a LLC multi-resonant DC-DC converter in battery charging applications,” in 
Applied Power Electronics Conference and Exposition (APEC), pp. 2596-2602, Feb 2012. 
14. F. Xiang, H. Haibing, F. Chen, U. Somani, E. Auadisian, J. Shen, and I. Batarseh, “Efficiency-
98 
 
Oriented Optimal Design of the LLC Resonant Converter Based on Peak Gain Placement,” IEEE 
Trans. Power Electron., Vol. 28, No. 5, pp. 2285-5596, May. 2013. 
15. L. Ray-Lee and L. Chiao-Wen, “Design Criteria for resonant tank of LLC DC-DC resonant 
converter,” in Proc. IEEE IECON, pp. 427-432, Nov 2010. 
16. J.-H. Jung, “Bifilar Winding of a Center-Tapped Transformer Including Integrated Resonant 
Inductance for LLC Resonant Converter,” IEEE Trans. Power Electron., Vol. 28, No. 2, pp. 615-620, 
Feb. 2013. 
17. J.-H. Jung, J.-M. Choi, and J.-G. Kwon, “Design Methodology for Transformer Including Integrated 
and Center-tapped Structure for LLC Resonant Converters,” Journal of Power Electronics, Vol. 9, 
No. 2, Mar. 2009. 
18. H.-S. Choi, “Design Consideration of Half-Bridge LLC Resonant Converter,” Journal of Power 
Electronics, Vol. 7, No. 1, Jan. 2007. 
19. J. G. Hayes, D. Cashman, M. G. Egan, T. O'Donnell and N. Wang, "Comparison of Test Methods 
for Characterization of High-Leakage Two-Winding Transformers," in IEEE Transactions on 
Industry Applications, vol. 45, no. 5, pp. 1729-1741, Sept.-oct. 2009. 
20. H. Park and J. Jung, "Power Stage and Feedback Loop Design for LLC Resonant Converter in High-
Switching-Frequency Operation," in IEEE Transactions on Power Electronics, vol. 32, no. 10, pp. 
7770-7782, Oct. 2017. 
21. W. A. Roshen, “High-Frequency Fringing Fields Loss in Thick Rectangular and Round Wire 
Windings,” IEEE Trans. Magnetics., Vol. 44, No. 10, pp. 2396-2401, Oct. 2008. 
22. V. Vaisanen, J. Hiltunen, and P. Silventoinen, “Core and air gap influence on the accuracy of inductor 
AC winding resistance calculation methods,” in IEEE Power Electronics and Applications (EPE) 
2014, Lappeenranta, Finland, Vol. 1, 2014, pp. 1-10. 
23. S. Bibian, Jin Jua, “Time delay compensation of digital control for DC switch mode power supplies 
using prediction techniques”, IEEE Transactions on Power Electronics, Vol. 15, No. 5, Sep 2000. 
24. T. Nussbaumer, M. L. Heldwein, Gong. Guanghai, S. D. Round, J. W. Kolar, “Comparison of 
Prediction Techniques to Compensate Time Delay Caused by Digital Control of a Three-Phase Buck-
Type PWM Rectifier System”, IEEE Transactions on Industrial Electronics, Vol. 55, NO. 2, Feb 
2008. 
25. Z. U. Zahid, J. S. J. Lai, X. K. Huang, S. Madiwale, and J. Hou, “Damping impact on dynamic 
analysis of LLC resonant converter,” in Applied Power Electronics Conference and Exposition 
(APEC) 2014, Texas, USA, Vol. 1, 2014, pp. 2834-2841. 
26. M. Peretz and S. Ben-Yaakov, “Digital control of resonant converter: Resolution effect on limit 
cycles,” IEEE Trans. Power Electron., vol. 25, no. 6, pp. 1652–1661, December 2009. 
27. A. Peterchev and S. Sanders, “Quantization resolution and limit cycling in digitally controlled PWM 
converters,” IEEE Trans. Power Electron., vol. 18, no. 1, pp. 301–308, January 2003. 
99 
 
28. L. Peng, Y. Kang, X. Pei, and J. Chen, “A novel pwm technique in digital control,” IEEE Trans. 
Industrial Electronics., vol. 54, no. 1, pp. 338–346, Febrary 2007. 
29. T. Instruments, “TMS320F28335/F28334/F28332/F28235/F28234/F28232 digital signal 
controllers (rev. m),” Texas Instruments., Tech. Rep. SPRS439M, August 2012. 
30. A. Peterchev and S. Sanders, “Quantization resolution and limit cycling in digitally controlled PWM 
converters,” IEEE Trans. Power Electron., vol. 18, no. 1, pp. 301–308, January 2003. 
31. J.-H. Jung, H.-S. Kim, M.-H. Ryu, and J.-W. Baek, “Design methodology of bidirectional CLLC 
resonant converter for high-frequency isolation of dc distribution systems,” IEEE Trans. Power 
Electron., vol. 28, no. 4, pp. 1741–1755, April 2013. 
32. H. Park and J. Jung, "PWM and PFM Hybrid Control Method for LLC Resonant Converters in High 
Switching Frequency Operation," in IEEE Transactions on Industrial Electronics, vol. 64, no. 1, pp. 
253-263, Jan. 2017. 
33. J.-H. Jung and J.-G. Kwon, “Theoretical analysis and optimal design of LLC resonant converter,” 
in IEEE Power Electronics and Applications (EPE) 2007, Aalborg, Denmark, vol. 1, 2007, pp. 1–10. 
34. I. O. Lee, “Hybrid dc-dc converter with phase-shift or frequency modulation for nev battery charger,” 
IEEE Trans. Industrial Electronics., vol. 63, no. 2, pp. 884–893, Febrary 2016. 
35. W. Haoyu, S. Dusmez, and A. Khaligh, “Maximum efficiency point tracking technique for llc-based 
pev chargers through variable dc link control,” IEEE Trans. Industrial Electronics., vol. 61, no. 11, 
pp. 6041–6049, November 2014. 
36. M. D. Seeman, “GaN devices in resonant LLC converters: System-level considerations,” IEEE 
Trans. Power Electron., vol. 2, no. 1, pp. 36–41, March 2015. 
37. Lentijo, S., D'Arco, S., Monti, A.: ‘Comparing the Dynamic Performances of Power Hardware-in-
the-Loop Interfaces’, IEEE Trans. Industrial Electron., 2010, 57, (4), pp. 1195-1207,  
38. Omar Faruque, M. O., Dinavahi, V.: ‘Hardware-in-the-Loop Simulation of Power Electronic 
Systems Using Adaptive Discretization’, IEEE Trans. Industrial Electron., 2010, 57, (4), pp. 1146-
1158 
39. K. Mainali, R. Oruganti., "Conducted EMI mitigation techniques for switch-mode power converters: 
a survey," IEEE Trans. Power Electron., vol.25, no.9, pp.2344-2356, Sept. 2010. 
40. O. M. Timothy, P. L. Richard, EMI filter Design, 3rd ed, CRC Press, 2011. 
41. L. Tihanyi, Electromagnetic Compatibility in Power Electronics. New York: IEEE Press, 1995. 
42. F. De Paulis, L. Raimondo, S. Connor, B. Archambeault, and A. Orlandi, “Design of a commonmode 
filter by using planar electromagnetic bandgapstructures,” IEEE Trans. Adv. Package., vol. 33, no. 4, 
pp. 994–1002, Nov. 2010. 
43. D. Cochrane, D. Y. Chen, and D. Boroyevic, “Passive cancellation of common-mode noise in power 
electronic circuits,” IEEE Trans. Power Electron., vol. 18, no. 3, pp. 756–763, May 2003. 
44. D. Shin, S. Jeong and J. Kim, "Quantified Design Guidelines of Compact Transformerless Active 
100 
 
EMI Filter for Performance, Stability, and High Voltage Immunity," IEEE Trans. Power Electron., 
vol. PP, no. 99, pp. 1-1. 
45. S. Jeong, D. Shin and J. Kim, "A Transformer-Isolated Common-Mode Active EMI Filter without 
Additional Components on Power Lines," IEEE Trans. Power Electron. 
46. F. Pareschi, R. Rovatti and G. Setti, "EMI Reduction via Spread Spectrum in DC/DC Converters: 
State of the Art, Optimization, and Tradeoffs," IEEE Access, vol. 3, pp. 2857-2874, 2015. 
47. O. Trescases, G. Wei, A. Prodic and W. T. Ng, "An EMI Reduction Technique for Digitally 
Controlled SMPS," IEEE Trans. Power Electron., vol. 22, no. 4, pp. 1560-1565, July 2007. 
48. A. Bendicks, S. Frei, N. Hees and M. Wiegand, "Systematic Reduction of Peak and Average 
Emissions of Power Electronic Converters by the Application of Spread Spectrum," IEEE Trans. 
Electromagnetic Compatibility. 
49. F. Pareschi, G. Setti, R. Rovatti and G. Frattini, "Short-term Optimized Spread Spectrum Clock 
Generator for EMI Reduction in Switching DC/DC Converters," IEEE Transactions on Circuits and 
Systems I: Regular Papers, vol. 61, no. 10, pp. 3044-3053, Oct. 2014. 
50. D. Gonzalez et al., "Conducted EMI Reduction in Power Converters by Means of Periodic 
Switching Frequency Modulation," in IEEE Transactions on Power Electronics, vol. 22, no. 6, pp. 
2271-2281, Nov. 2007. 
51. G. M. Dousoky, M. Shoyama and T. Ninomiya, "FPGA-Based Spread-Spectrum Schemes for 
Conducted-Noise Mitigation in DC–DC Power Converters: Design, Implementation, and 
Experimental Investigation," in IEEE Transactions on Industrial Electronics, vol. 58, no. 2, pp. 429-
435, Feb. 2011. 
52. F. Pareschi, G. Setti, R. Rovatti and G. Frattini, "Practical Optimization of EMI Reduction in Spread 
Spectrum Clock Generators With Application to Switching DC/DC Converters," in IEEE 
Transactions on Power Electronics, vol. 29, no. 9, pp. 4646-4657, Sept. 2014. 
53. K. K. Tse, H. S. H. Chung, S. Y. Huo and H. C. So, "Analysis and spectral characteristics of a spread-
spectrum technique for conducted EMI suppression," in IEEE Transactions on Power Electronics, 
vol. 15, no. 2, pp. 399-410, Mar 2000. 
51. H. A. Huynh, Y. Han, S. Park, J. Hwang, E. Song and S. Kim, "Design and Analysis of the DC–DC 
Converter With a Frequency Hopping Technique for EMI Reduction," in IEEE Transactions on 
Components, Packaging and Manufacturing Technology, vol. 8, no. 4, pp. 546-553, April 2018. 
54. S. Kapat, "Reconfigurable Periodic Bifrequency DPWM With Custom Harmonic Reduction in DC–
DC Converters," in IEEE Transactions on Power Electronics, vol. 31, no. 4, pp. 3380-3388, April 
2016. 
55. L. A. Barragan, D. Navarro, J. Acero, I. Urriza and J. M. Burdio, "FPGA Implementation of a 
Switching Frequency Modulation Circuit for EMI Reduction in Resonant Inverters for Induction 
Heating Appliances," in IEEE Transactions on Industrial Electronics, vol. 55, no. 1, pp. 11-20, Jan. 
101 
 
2008. 
56. H. P. Park, M. Kim and J. H. Jung, "Spread Spectrum Technique to Reduce EMI Emission for an 
LLC Resonant Converter Using a Hybrid Modulation Method," in IEEE Transactions on Power 
Electronics, vol. 33, no. 5, pp. 3717-3721, May 2018. 
57. H. Park, M. Kim and J. Jung, "Spread-Spectrum Technique Employing Phase-Shift Modulation to 
Reduce EM Noise for Parallel–Series LLC Resonant Converter," in IEEE Transactions on Power 
Electronics, vol. 34, no. 2, pp. 1026-1031, Feb. 2019. 
58. H. Park, S. Jeong, M. Kim, J. Kim and J. Jung, "Spread Spectrum Technique for Decreasing EM 
Noise in High Frequency APWM HB Resonant Converter with Reduced EMI Filter Size," in IEEE 
Transactions on Power Electronics. 
59. D. Zhang, D. Y. Chen, M. J. Nave and D. Sable, "Measurement of noise source impedance of off-
line converters," IEEE Trans. Power Electron., vol. 15, no. 5, pp. 820-825, Sep 2000. 
60. S. Wang, Y. Y. Maillet, F. Wang, R. Lai, F. Luo and D. Boroyevich, "Parasitic Effects of Grounding 
Paths on Common-Mode EMI Filter's Performance in Power Electronics Systems," IEEE Trans. Ind. 
Electron. vol. 57, no. 9, pp. 3050-3059, Sept. 2010 
61. Shuo Wang, Rengang Chen, J. D. Van Wyk, F. C. Lee and W. G. Odendaal, "Developing parasitic 
cancellation technologies to improve EMI filter performance for switching mode power supplies," 
IEEE Trans. on Electromagn. Compat., vol. 47, no. 4, pp. 921-929, Nov. 2005. 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
102 
 
 
 
 
 
 
 
 
 
 
Thanks To 
 
Firstly, I would like to express my sincere gratitude to my advisor Prof. Jee-Hoon Jung for the 
continuous support of my study and related research, for his patience, motivation, and immense 
knowledge. His guidance helped me in all the time of research and writing of this thesis. I could not 
have imagined having a better advisor and mentor for my study. 
Besides my advisor, I would like to thank the rest of my thesis committee: Prof. Jingook Kim, Prof. 
Jin-Ho Chung, Prof. Honnyong Cha, and Prof. Sung-Jin Choi, for their insightful comments and 
encouragement, but also for the hard question which incented me to widen my research from various 
perspectives. 
I thank my colleagues in for the stimulating discussions, for the sleepless nights we were working 
hard before deadlines, and for all the fun we have had in the last five years. 
Last but not the least, I would like to thank my family: my parents and to my brother for supporting 
me spiritually throughout writing this thesis and my life in general. 
 
 
 
 
 
 
 
 
 
 
 
 
 
103 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
